River Publishers Series in Circuits and Systems 


RF CMOS OSCILLATORS FOR 
MODERN WIRELESS 
APPLICATIONS 


Masoud Babaie, Mina Shahmohammadi 
and Robert Bogdan Staszewski 


River Publishers 


Ob 
< 


RF CMOS Oscillators for Modern 
Wireless Applications 


RIVER PUBLISHERS SERIES IN CIRCUITS AND SYSTEMS 


Series Editors: 


MASSIMO ALIOTO KOFI MAKINWA 

National University of Singapore Delft University of Technology 
Singapore The Netherlands 

DENNIS SYLVESTER 

University of Michigan 

USA 


Indexing: All books published in this series are submitted to the Web of 
Science Book Citation Index (BKCI), to SCOPUS, to CrossRef and to Google 
Scholar for evaluation and indexing. 


The “River Publishers Series in Circuits & Systems” is a series of 
comprehensive academic and professional books which focus on theory 
and applications of Circuit and Systems. This includes analog and digital 
integrated circuits, memory technologies, system-on-chip and processor 
design. The series also includes books on electronic design automation and 
design methodology, as well as computer aided design tools. 

Books published in the series include research monographs, edited 
volumes, handbooks and textbooks. The books provide professionals, 
researchers, educators, and advanced students in the field with an invaluable 
insight into the latest research and developments. 

Topics covered in the series include, but are by no means restricted to the 
following: 


e Analog Integrated Circuits 

e Digital Integrated Circuits 

e Data Converters 

e Processor Architecures 

e System-on-Chip 

e Memory Design 

e Electronic Design Automation 


For a list of other books in this series, visit www.riverpublishers.com 


RF CMOS Oscillators for Modern 
Wireless Applications 


Masoud Babaie 

Delft University of Technology 

The Netherlands 

Mina Shahmohammadi 
Catena 

The Netherlands 

Robert Bogdan Staszewski 


University College Dublin 
Ireland 


& 


ar 


$} Routledge 
a Taylor & Francis Group 
River Publishers LONDON AND NEW YORK 


Published 2019 by River Publishers 
River Publishers 
Alsbjergvej 10, 9260 Gistrup, Denmark 
www.riverpublishers.com 


Distributed exclusively by Routledge 
4 Park Square, Milton Park, Abingdon, Oxon OX14 4RN 
605 Third Avenue, New York, NY 10017, USA 


RF CMOS Oscillators for Modern Wireless Applications / by Masoud Babaie, Mina Shahmohammadi, 
Robert Bogdan Staszewski. 


© The Editor(s) (if applicable) and The Author(s) 2019. This book is published open access. 


Open Access 

This book is distributed under the terms of the Creative Commons Attribution-Non-Commercial 
4.0 International License, CC-BY-NC 4.0) (http://creativecommons.org/licenses/by/4.0/), which 
permits use, duplication, adaptation, distribution and reproduction in any medium or format, as 
long as you give appropriate credit to the original author(s) and the source, a link is provided to 
the Creative Commons license and any changes made are indicated. The images or other third 
party material in this book are included in the work’s Creative Commons license, unless indicated 
otherwise in the credit line; if such material is not included in the work’s Creative Commons 
license and the respective action is not permitted by statutory regulation, users will need to obtain 
permission from the license holder to duplicate, adapt, or reproduce the material. 

The use of general descriptive names, registered names, trademarks, service marks, etc. in this 
publication does not imply, even in the absence of a specific statement, that such names are exempt 
from the relevant protective laws and regulations and therefore free for general use. 

The publisher, the authors and the editors are safe to assume that the advice and information in this 
book are believed to be true and accurate at the date of publication. Neither the publisher nor the 
authors or the editors give a warranty, express or implied, with respect to the material contained 
herein or for any errors or omissions that may have been made. 

Printed on acid-free paper. 


Routledge is an imprint of the Taylor & Francis Group, an informa business 


ISBN 978-87-93609-49-5 (print) 


While every effort is made to provide dependable information, the publisher, authors, and editors 
cannot be held responsible for any errors or omissions. 


Preface 


Contents 


List of Figures 


List of Tables 


List of Abbreviations 


1 Introduction 
1.1 Introduction. ..............0....0...2.0.0. 
1.2 Technology Scaling. . . o. ooa aa 
1.2.1 Supply Voltage. oa s oora ia uaren tarro wars 
1.2.2 Quality Factor of Passives . .. .. aoaaa aaa 
1.2.3 Noise of Active Devices .... aoaaa aaa 


ReTErenGEs e o adnan a e aae Gee h sot lay acd Se Sa ws So 
2 LC Oscillator Structures 
2.1 Introduction... .. ad a aa a a aa E a 
2.2 Class-B Oscillator Topology ............... 
2.3 Class-C Oscillator Topology ............... 
2.4 Class-D Oscillator Topology ............... 
2.5 Class-F Oscillator Topologies .............. 
20 “CONCIUSION? Lerden ae Soe HB ee wpe oa BPA on 
IREIErencesss 2. 4g he weet Bele ua ea S 
3 A Class-F3; CMOS Oscillator 
Sik, AntroducttOni<~:; ¢ ale & dh Bo ek Be wae aa rea, 
3.2 Evolution Towards Class-F3 Oscillator. ......... 


3.2.1 Realizing a Square Wave Across the LC Tank 


3.2:2: e  20e 205 eh 8o6 ee a E 


vi 


Contents 


3.2.3 Voltage Gain of the Tank .............. 
3.2.4 Class-Fs Oscillator .... aaa 
3.3 Class-F Phase Noise Performance ............. 
3.3.1 Quality Factor of Transformer-Based Resonator 
3.3.2 Phase Noise Mechanism in Class-F3 Oscillator. . . 
3.3.3 Class-F3 Operation Robustness ........... 
3.4 Experimental Results... ...............02. 
3.4.1 Implementation Details ............... 
3.4.2 Measurement Results ................ 
3:5. Conclusion . 2... ee ee ees 
References... 8 deh ie ee i a ek ed 


An Ultra-Low Phase Noise Class-F, CMOS Oscillator 
d:l cintroducttOnie. goa. a, oe Divas dopa So hea lod 
4.2 Challenges in Ultra-Low Phase Noise Oscillators ...... 
4.3 Evolution Towards Class-Fy Operation ........... 
4.4 Phase Noise Mechanism in Class-F» Oscillator ....... 
4.5 Experimental Results... ...............0.. 
4:6: Conclusion: s cs sees a a A ee a a 
References: a acria me oho gota ab e E Goole mele we Ghia dod 


A 1/f Noise Upconversion Reduction Technique 

5.1 Introduction... oaa 2.0000. 

5.2 Method to Reduce 1/f Noise Upconversion ......... 
5.2.1 Auxiliary Resonant Frequencies . . . ... naaa 
5.2.2 Harmonic Effects on the Effective ISF ....... 
5.2.3 Resonant Frequency at 2wo .. oaaae 
5.2.4 wey Deviation from 2wo .. aaa 

5.3 Circuit Implementation . . . . ooo 
5.3.1 Inductor-Based Fə Tank . .. . aooaa aaa 
5.3.2 Class-D/F2 Oscillator . .. ooa 
5.3.3 Transformer-Based Fə Tank . .. . aoaaa aa 
5.3.4 Class-F2 3 Oscillator... 2... aaa 

5.4 Experimental Results . . . . ooo aaa 
5.4.1 Class-D/F2 Oscillator... ooa 
5.4.2 Class-Fo3 Oscillator 2... 0... 0.0000 ee 

5.5 Conclusion ......... 0.0.0.0. 2 ee eee eee 
References. dorea nS ek Dd edd 


Contents Vii 


6 A Switching Current-Source Oscillator 123 
6:1. Introduction :. oe s e 2 ee eg ee Oe aed 123 
6.2 Oscillator Power Consumption Trade-offs .......... 125 
6.3 Switching Current-Source Oscillator... .......... 129 
6.4 Thermal Noise Upconversion ................ 134 


6.4.1 Calculating the Effective Noise Due to 
Transconductance Gain of M;_4 Transistors 


(i? Gm) Ad dtd Aries SA oat T t eS 134 
6.4.2 Calculating the Negative Conductance of the 
Oscillator (Gy(@))i2 4 10 aie ek A a Baek 136 
6.4.3 Calculating the Positive Conductance of the 
Oscillator (Gps(@)) ... 2.22. ee ee ee 139 
6.4.4 Satisfying Barkhausen Criterion. .......... 142 
6.4.5 Phase Noise Equation ................ 146 
6.5 1/f Noise Upconversion. ...............200.- 150 
6.6 Optimizing Transformer-Based Tank. ............ 150 
6.7 Experimental Results... ................0.. 152 
6:8. (Conclusions: 4.03 6 yok oe ee A see A ie 8 155 
Referénices: naid gies ke eo ee a a es 155 


7 Tuning Range Extension of an Oscillator Through 


CM Resonance 161 

7.1 Introduction... . 2... 0.00. ee ee ee 161 

7.2 Mode-Switching Oscillator... .............0.. 164 

7.3 Common-Mode Resonances ................. 170 

7.4 Novel Wide Tuning Range Oscillator ............ 173 

7.4.1 Dual-Core Oscillator... ...........02. 173 

7.4.2 Phase Noise Analysis ................ 176 

7.4.3 Center Tap Inductance. ............02. 184 

7.5 Experimental Results... .......0.......20.0. 184 
7.5.1 Supply and Ground Routing Inductances 

and -LOsses n ihe hd eae aa ee Be ede 186 

RO- “Conclusion: 40 aa ee a ae a Edenh te ae 188 

References yote hh ots i Soa erga 2 Meh as tas 189 

8 A Study of RF Oscillator Reliability in Nanoscale CMOS 193 

Sl introduction... 0 eae fe ge ae ee Pes 193 

8.2 Gate-Oxide Breakdown .................-.4. 194 


8.2.1 Weibull Slope .................0.0. 195 


viii Contents 


8.2.2 n Estimation for Different Oxide Thicknesses ... 195 
8.2.3 Area and Temperature Dependence of Tgp .... . 197 

8.2.4 Principle of Extrapolation to a Specified 
Condition ............... 0.0000. 197 
8.3 Hot Carrier Degradation ................... 198 
8.4 Negative Bias Temperature Instability ............ 199 
8.5 Reliability of Class-F3 Oscillators .............. 199 
8.5.1 Class-F3 Oscillators ..............04. 199 
8.5.2 Class-F; Oscillators ...........0.....2.. 201 
8.6 Conclusion ............ 0.0.2.0... 000004 204 
References: 43 i. bryce eg a ed get SA Get Es 205 
Index 207 


About the Authors 211 


Preface 


The steady growth of cellular and wireless communications motivates 
researchers to improve the performance of the systems, overcome the 
limitations and face new the challenges. One of the key blocks in a 
wireless radio is the RF oscillator which its purity limits the radio 
performance. The oscillator’s phase noise in a transmit chain results 
in power leakage into adjacent channels. In the receive chain, the 
downconversion of a large interferer with noisy local oscillator (LO) 
cause reciprocal mixing. Furthermore, in orthogonal frequency-division 
multiplexing (OFDM) systems, the phase noise leads to inter carrier 
interference and a degradation in the digital communication bit error rate. 
The trade-off between oscillator’s phase noise and its power consumption 
introduce a challenge for oscillator designers. 

The main focus of this book is on the design and implementation of 
RF oscillators for wireless (mostly cellular) applications. Each oscillator 
that is introduced in these chapters tackles an obstacle in RF designs, such 
as low 1/f? or low 1/f? phase noise requirements, low voltage, low power 
requirements, and wide tuning range requirements. 

Chapter 1 discusses how a transceiver performance can be limited by an 
oscillator characteristics. It also reviews how technology scaling affects an 
oscillator’s performance. 

Chapter 2 is a reminder how circuit noise up-converts to phase noise in 
an oscillator, and then briefly introduces and compares different LC oscillator 
structures. 

In Chapter 3 we introduce a class-F3 oscillator topology which 
demonstrates an improved phase noise performance by enforcing a 
pseudo-square voltage waveform around the LC tank by increasing 
the third harmonic of the fundamental oscillation voltage through an 
additional impedance peak. Furthermore, a comprehensive study of 
circuit-to-phase-noise conversion mechanisms of different classes of RF 
oscillator is presented. 


ix 
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In Chapter 4, we elaborate on a design and implementation of class-F2 
oscillators. The main idea is to enforce a clipped voltage waveform 
around the LC tank by increasing the second-harmonic of fundamental 
oscillation voltage through an additional impedance peak, thus giving rise 
to a class-Fy operation. This oscillator specifically addresses the ultra-low 
phase noise design space while maintaining high power efficiency. Extensive 
experimental results are also presented at the end of this chapter. 

Excited by a harmonically rich tank current, a typical oscillation voltage 
waveform is observed to have asymmetric rise and fall times. This results in 
an effective impulse sensitivity function (ISF) of a non-zero de value, which 
facilitates the flicker (1/f) noise up-conversion into the oscillator’s 1/f? phase 
noise. Chapter 5 elaborates a method to reduce a 1/f noise up-conversion in 
voltage-biased RF oscillators. 

Chapter 6 introduces and analyzes in detail an oscillator with switching 
current sources to reduce supply voltage and power without sacrificing its 
phase noise and startup margins. This oscillator is specifically addressed IoT 
application constraints. 

In Chapter 7 a method to broaden a tuning range of an LC-tank oscillator 
without sacrificing its area is presented. The extra tuning range is achieved 
by forcing a strongly coupled transformer-based tank into a common-mode 
resonance at a much higher frequency than in its main differential-mode 
oscillation. The oscillator employs separate active circuits to excite each 
mode but it shares the same tank, which largely dominates the core area but 
is on par with similar single-core designs. 

Chapter 8 presents a design guide to estimate the time dependent 
dielectric beak down of any analog circuit with evaluating life time of class-F 
oscillators as an example. 
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Introduction 


1.1 Introduction 


While mobile phones enjoy the largest production volume ever of any 
consumer electronics products, the demands they place on RF/mm-wave 
transceivers are particularly aggressive, especially on integration with digital 
processors, low area, low power consumption, while being robust against 
process-voltage-temperature (PVT) variations. Figure 1.1 (a) illustrates the 
evolution of data rates for wireless LAN, cellular, and wireline short links 
over time [1]. Interestingly, there is a constant ~10x increase in bit rate 
every five years for both wireline and wireless links. Since mobile terminals 
inherently operate on batteries, their power budget is basically constant. 
Hence, an ever-decreasing power per bit is required to maintain the system 
lifetime. As shown in Figure 1.1 (b), the RF front-end circuitry consumes 
significant power for typical use cases of mobile terminals such as voice call, 
web browsing and email [2]. Consequently, power efficiency of RF building 
blocks has become a major issue, especially when designing system-on-chips 
(SoC) for wireless communications. 

On the other hand, in the upcoming years, the wireless Internet-of-Things 
(IoT) will enable more objects to be sensed and controlled remotely, realizing 
more integration between the physical and digital worlds. According to 
communication giant Cisco systems [3] there will be approximately 50 billion 
Internet-connected objects (things) by 2020, just 2.7 percent of all the things 
that will be on the planet. However, the system lifetime still tends to be 
severely limited by its power consumption, available battery technology and 
efficiency of its energy harvester. Consequently, the key challenge of these 
wireless sensors is the ability to function at the lowest power possible while 
being robust to PVT variations. Similarly, the power consumption of RF 
building blocks should be reduced to satisfy the lifetime demands of IoT 
systems. Furthermore, RF circuitries such as oscillator and phase lock loop 
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Figure 1.1 (a) Evolution of data rates for wireless LAN, cellular, and wireline short links 
over time [1]; (b) power usage in a smartphone [2]. 
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Figure 1.2 Contribution of RF oscillator to the power consumption of cellular frequency 
synthesizers and receivers. 


(PLL) should be able to turn on/off quickly to permit high energy-efficiency 
during intermittent operation. 

The RF oscillator is the second most power hungry block of a wireless 
radio (after power amplifiers). As shown in Figure 1.2, the RF oscillator 
consumes a disproportionate amounts of the power of a cellular frequency 
synthesizer [4,5] and burns more than 30% of the cellular receiver power 
[6, 7]. Consequently, any power reduction in an RF oscillator will greatly 
benefit the overall power efficiency of the cellular transceiver. For IoT 
applications, the commercial perspective is now focusing on Bluetooth Low 
Energy (BLE). In the state-of-the-art BLE radios [8-10], the PLL power 
consumption is merely 3—4x lower than that of power amplifier (PA) at the 
maximum BLE output power of 1 mW. However, the frequency synthesizer 
activity is much longer than that of a PA, making the PLL the most energy- 
hungry block in a BLE transceiver. Consequently, RF oscillators, as one of the 
BLE transceiver’s most power hungry circuitry, must be very power efficient. 

On the other hand the RF oscillators’ purity limits the transceiver per- 
formance. The oscillator’s phase noise in a transmit chain results in power 
leakage into adjacent channels. In the receive chain, the down-conversion of 
a large interferer with a noisy local oscillator (LO) causes reciprocal mixing. 
Furthermore, in orthogonal frequency-division multiplexing (OFDM) sys- 
tems, the phase noise leads to inter-carrier interference and a degradation in 
the digital communication bit error rate. Table 1.1 summarizes the frequency 
bands and the phase noise requirement specifications for some communica- 
tion standards. The trade-offs between oscillator’s phase noise and its power 
consumption introduce a challenge for oscillator designers. To achieve high 
frequency accuracy, oscillators are incorporated in a PLL (as is shown in 
Figure 1.3 for both analog and digital PLLs), they can benefit from high pass 
nature of filtering of their noise by the loop (see Figure 1.4). This reduction 
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Table 1.1 Communication standards requirements [11] 
Frequency Band Required Phase Noise 


Standard (GHZ) (dBc/HZ) 
-84 @ 1 MHz 
Bluetooth 2.402-2.480 -114 @ 2 MHz 
-129 @ 3 MHz 
—122 @ 0.6 MH 
GSM 0.880—0.960 Ti : i ye 
900/1800 1.710— 1.880 2i aA May 
—132 @ 3 MHz 
UMTS en —132 @ 10 MHz 
eet —144 @ 15 MHz 
B 2.412—2.472 GINN 
WiFi 5.150— 5.350 125 @ 25 MH 
5.470—5.825 f f 


of the oscillator’s low frequency noise in the synthesizer is highly dependent 
on the loop bandwidth. The loop bandwidth of the PLL is usually chosen to 
minimize the noise contribution of the frequency reference and charge pumps. 
However, if this bandwidth is less than the 1/f? corner of the oscillator then 
part of the oscillator’s low frequency noise remains unfiltered. 

Another challenge for the recent RF oscillator designers is the ability to 
design a wide tuning range oscillator while having low phase noise. The 
multi-standard applications that are now trending demand such oscillators. 
The trade-off between the quality factor of the switch capacitor bank that is 
tuning the LC oscillators and the oscillator’s tuning range is the obstacle in 
wide tuning-range oscillator design. The MOS transistor switch introduces a 
resistance that defines the switched capacitor bank’s quality factor in on-state, 
consequently a lower resistance and so a larger MOS transistor is required for 
phase noise consideration. However, in the off-state, the series combination 
of the capacitor in the tank and the switch’s parasitic capacitances defines 
the equivalent tank capacitance. Consequently a smaller switch is preferred 
to increase the tuning range. This trade-off makes it impossible to meet both 
wide tuning range and low phase noise at the same time. For a moderate phase 
noise, the tuning range of the oscillator can hardly go beyond 50% [13]. Some 
designers tried to switch inductors or transformers instead of the capacitors 
in order to increase tuning range, however the equivalent tank’s Q-factor and 
consequently phase noise is degraded due to the switches in the signal path. 
Furthermore, due to the reduced oscillation voltage that is tolerable by the 
nano-metric oxide thickness of advanced technologies CMOS process, the 
low phase noise design is even more challenging. 
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Figure 1.3 (a) Analog and; (b) digital phase locked loops [12]. 


In this book, the main goal is to to elaborate implementation of innovative 
RF oscillator structures that demonstrate better PN performance, lower cost, 
and higher power efficiency than the traditional architectures do. 


1.2 Technology Scaling 


The size, cost, and power consumption of digital circuits are reduced by 
technology scaling. However, the design of analog and RF circuits faces 
many difficulties using more advanced CMOS technologies. Consequently, 
in the semiconductor industry, there are two divergent trends for choosing a 
technology node for fabricating analog circuits. One trend is to implement 
analog circuits in an older technology to exploit a higher voltage headroom. 
This approach is chiefly used in medical, automotive, and high-efficiency 
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Figure 1.4 Oscillator’s open loop and output frequency phase noise. 


lighting applications [14]. Another trend is to implement analog and digital 
circuits together in the most advanced node such as a 16-nm FinFET. The 
approach is dictated by the market to achieve highest digital performance 
with lowest fabrication cost. 

The vision for both wireless cellular communication and the Internet-of- 
Things keeps moving towards the second strategy [15]. For example, a few 
years ego IMEC published the first integrated wireless sensor node in 40-nm 
CMOS including a microcontroller, digital baseband, power management, 
and BLE transceiver [8]. Furthermore, Intel and DMCE presented a SAW- 
less HSPA transceiver with on-chip integrated 3G power amplifiers in 65-nm 
at ISSCC 2015 to enable real low-cost monolithic system integration [16]. 
Consequently, it is instructive to investigate the effects of technology scaling 
on the performance of an RF/mm-wave oscillators. 


1.2.1 Supply Voltage 


To continue implementing increasingly complex functions while reducing 
the overall solution costs, scaling of CMOS transistors is inevitable. As 
circuits become denser, all of the physical dimensions of the transistors must 
be reduced correspondingly. The SiO2 oxide-layer thickness reduction is 
accompanied by migrating to smaller supply voltages (see Figure 1.5). This 
is to maintain the electric field strength across the oxide in order to prevent 
the device performance degradation due to the time dependent dielectric 
breakdown (TDDB) [17]. The supply voltage, Vpp, is reduced while RF and 
analog circuits must maintain their dynamic range, noise performance and 
output power. For example, the oscillator phase noise performance degrades 
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Figure 1.5 Nominal supply voltage versus CMOS technology node for (a) thin-oxide and 
(b) thick-oxide devices. 


by 6 dB/octave with the reduction of their supply voltage [18]. To compensate 
this phase noise penalty, the equivalent input parallel resistance of an LC 
tank should be proportionally decreased by reducing the tank’s inductance. 
However, the resistance of the tank’s interconnects will start dominating the 
resonator losses and, consequently, the effective Q-factor and oscillator power 
efficiency will dramatically drop. 


1.2.2 Quality Factor of Passives 


Most RF CMOS oscillators employ passive components such as integrated 
inductors, transformers, and capacitors to realize on-chip LC tanks. Gen- 
erally, top thick metal layers are used for the realization of inductive 
components while thinner lower-level metals are exploited in metal-oxide- 
metal (MoM) capacitors. Note that the 0.18 um node was the last generation 
of 8-inch wafer processes with aluminum metallization as almost all modern 
processes use copper metallization that improves the resistive loss and current 
handling capability of passive components. Consequently, the quality factor 
of passives was improved when RF products migrated from 0.18 um to 
0.13 um technology. 

By migrating to more advanced nano-scale CMOS technologies, however, 
the thickness of lower level metals and interlayer dielectric layers reduce 
correspondingly as shown in Figure 1.6(a). As a consequence, the physical 
dimension of a given capacitance becomes smaller but with a worse quality 
factor (see Figure 1.6 (b)). Fortunately, the thickness of top thick metal layers 
almost remains constant with scaling. However, the top-metal is closer to the 
lossy substrate. Hence, the capacitive parasitic, self-resonant frequency, and 
quality factor of inductor/transformer slightly degrade with scaling as shown 
in Figure 1.6 (c). 
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Figure 1.6 (a) Back-end-of-line (BEOL) metallization; quality factor of (b) a 250 fF 
capacitor, and (c) a 100 pH inductor in 65 nm and 32 nm CMOS technologies [19]. 
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Figure 1.7 Damascene process steps [20]. 


As mentioned above, in most advanced CMOS technologies, copper is 
used for interconnections due to its low sheet resistance, high maximum 
current density, high thermal conductivity and resilience to electromigration 
failures. However, it is difficult to pattern copper using conventional etch- 
ing techniques. Consequently, unlike traditional metallization of aluminum, 
copper metallization needs an additional damascene process as shown in 
Figure 1.7 [20]. The inter-level dielectric is first deposited in the damascene 
process. Secondly, the dielectric is etched to define trenches where the metal 
lines will lie. Thirdly, copper is electroplated to fill the patterned oxide 
trenches. Finally, the surface is planarized and polished to remove surplus 
copper outside the desired metal lines using chemical-mechanical polishing 
(CMP). Unfortunately, CMP suffers from dishing and erosion phenomena. 
Since copper is much softer than the inter-level dielectric, areas with higher 
metal density are polished much faster than the others. Consequently, the 
metal thickness of the sparse areas become thicker than that of the dense 
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Figure 1.8 (a) Thickness variation by erosion in the CMP stage; (b) electromagnetic 
coupling between the wire and dummy fills; (c) inductor/transformer with lots of dummy 
metal fills. 


(c) 


places as shown in Figure 1.8 (a) [22]. To resolve this issue, a minimum 
metal density must be satisfied for the entire chip. For example, the minimum 
metal density must be at least 25% in any 100 umx 100 um square in a 28-nm 
technology. Hence, inductors and transformers must include dummy metal 
pieces from the lowest to the highest metal layer (see Figure 1.8 (c)). Metal 
dummies show negligible effects on the windings self-inductance and the 
coupling factor. However, as shown in Figure 1.8 (b), eddy currents in dummy 
fills increase the loss and thus the inductor’s/transformer’s Q-factor could be 
degraded by 10% [23]. 

To conclude this section, the quality factor of passives degrades by 
migrating to more advanced nano-scale CMOS technologies. It leads to a 
worse phase noise performance for oscillators. 


1.2.3 Noise of Active Devices 


Figure 1.9(a) shows the normalized input-referred 1/f noise, Syg, versus 
frequency for different technology nodes. Due to oxide scaling enabled by 
high-k/metal gate technologies, the normalized Syg is monotonically reduced 
with each successive technology node. For the same transistor area, Sy, 
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Figure 1.9 (a) Flicker noise scaling trend; (b) measured excess noise (y) factor versus drain— 
source voltage at 10 GHz and V,,=1.0V for different gate lengths of NMOS transistors in 
40 nm LP technology [21]. 


decreases ~10x from the 0.13 wm node to 32 nm node. However, as shown 
in Figure 1.9(b), the excess noise factor of CMOS transistors increases 
by migrating to finer CMOS technologies. Consequently, oscillator’s core 
transistors inject more thermal noise to the tank, degrading its phase noise 
performance. 
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LC Oscillator Structures 


2.1 Introduction 


The oscillators are the only block that is universally used in both transmit 
and receive paths (see Figure 2.1), and consequently their spectral purity 
and efficiency highly affect the transceiver performance. The phase noise 
of the oscillator results in reciprocal mixing in the receive path, where the 
blocker is mixed with the oscillator’s phase noise and shows itself on top of 
the desired signal and consequently degrades the receiver sensitivity [1]. This 
problem especially shows itself in contemporary mobile phones that support 
2G, 3G, and 4G modes and WiFi standards with two very close antennas 
in one device [2], or in wide-band CMOS receivers without off-chip SAW 
filters, in which blockers can enter the chip without any pre-attenuation [3]. 
In transmit path, the amplified phase noise of the transmitter’s oscillator can 
desensitize a nearby receiver [1]. Furthermore, as one of the most power 
hungry blocks in the transceiver, its power consumption limits the efficiency 
of the transceiver [4,5]. Therefore, understanding and modeling the phase 
noise of an oscillator have been the subject of numerous studies [6-12]. The 
linear time-variant model through the impulse response of each noise source 
of the oscillator [10] is the most approached method since its introduction. 
We are relying on this method to analyze the oscillators in this book; 
so let us have a quick overview first. The relatively accurate modeling of 
phase noise in this method is by acknowledging time-variant behavior of 
the oscillators. To make it more clear, note that a current impulse injected 
to the tank of Figure 2.2(a) can change oscillation phase and/or amplitude 
depending on the injection time (see Figure 2.2(b,c)). If the current impulse is 
injected when oscillation waveform is at its maximum, the oscillation ampli- 
tude will be disturbed but the phase will not be. On the other hand, current 
impulse at the zero-crossings results in a minimum amplitude and maximum 
phase disturbance. The impulse response is however periodic with respect 
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Figure 2.2 Phase response to an impulse current [10]. 


to injection time. The impulse sensitivity function (ISF), (wor), is defined 
as a dimensionless, periodic function with period of 27 that describes the 
oscillation phase shift from injected current impulses during the period [10]. 
ISF is a periodic function and, consequently, can be written in a Fourier series, 


[0,6] 
Pier) = S + `> Cn COS(Nwot + On). 


i=1 


(2.1) 
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Phase modulation is then obtained by convolving the current noise source 
and ISF as 


nlt) = 1 |2 f + don f it )cos(nwot + On)}, (2.2) 


maz 


where qmax is the maximum charge displacement at the capacitance of the 
node that the noise is injected. 
For a current such as i(t) = In cos|(nwo + Aw)t], the excess phase can 
be found as i 
TE InCn sin(Aw) 
2dmar Aw 
The modulated phase shows itself in the phase noise spectrum since we 
can write 


x(t) = Acos(wot + @n(t)) ~ Acos(wo(t)) — Agn(t) sin(wot), (2.4) 


(2.3) 


and consequently this injected current results in two sidebands at 
Wo €E Awo and 


InCn ; 


The same method can be generalized for random noise sources and by 
applying the Parseval’s relation to derive the phase noise for a white power 
spectral density noise as, 


2 1 mp2 
ia L fp" P2(b)dg 
L(Aw) = 10 logio | 42 taf AD (2.6) 


The most accurate method to calculate ISF of each noise source is by 
simulation. An impulse current should be injected to a node in the circuit 
at a certain time. The time shift of the oscillation should be measured after 
a few cycles and be converted to the phase shift. By sweeping the injection 
time of the current impulse over one oscillation period, ISF can be measured. 
Very recently, a fast and accurate simulation technique of ISF based on 
positive sidebands of periodic transfer function (e.g. PXF in Cadence) was 
revealed in [13]. 

Upconversion of the device’s 1/f noise to phase noise can also be 
investigated by this method. 
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If the application demands a low phase noise, the LC oscillator structure 
should be chosen. The thermal to phase noise upconversion (20 dB/dec 
region) of these oscillators can be found as 


= R,kT Wo 2 


kT Wo 2 
= 101 -F | — DT. 
ologio (G ar ay Ppc (aa) ) a 


where FR; is the equivalent parallel resistance of the tank, k is Boltzmann’s 


I : ; 
Vose and ay = +22, and F is the noise 
VDD Ipc 


constant, T’ is the temperature, ay = 
factor and can be found as 
2T 


2 
a wa zh T (9) iÈ ($) de, (2.8) 


in which T; is the ISF of the ith noise source. 


2.2 Class-B Oscillator Topology 


The traditional class-B oscillator, of Figure 2.3(a), is widely used in RF 
applications due to its simplicity and robustness. The noise factor in a class-B 
structure is ideally equal to y + 1 [12] if Mr tail current transistor is an ideal 
current source. In this case, not only the current source avoids contributing to 
phase noise, but it also provides an infinite impedance at the common source 
of the gm transistors, which, as we explain later, is beneficial for the phase 
noise reduction. Let us investigate how the performance of this oscillator 
topology can be improved. The figure of merit (FoM) that is widely used 
to compare the oscillator performance is 


FoM =|PN| + 201logj9(wo/Aw) — 10 logio(Ppco/1mW). (2.9) 


The objective is to reduce the phase noise and/or power consumption of 
the oscillator. 

Increasing the tank’s quality factor reduces the oscillator’s phase noise. 
The tank’s quality factor depends on both the inductive and capacitive quality 
factors: 

O al 
Q Qr Qc 

The inductor’s quality factor, Qz, which usually limits Q+, is mostly 

technology-dependent but does not improve with technology scaling. The 


(2.10) 
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Figure 2.3 A class-B oscillator (a) schematic; (b) oscillation amplitude versus tail current; 
(c) ideal and real drain current waveforms; (d) oscillation voltage waveforms. 


capacitive quality factor, Qc, on the other hand, depends on the tuning range 
of the oscillator. The switched-capacitor structure shown in Figure 2.4 is often 
used to tune the conventional oscillators. When M, is on, Con = S, and the 
switch’s on-resistance, ron defines Qc = o: To improve Qe, Ton and 
consequently Ms size should increase. However, a larger Ms would add to the 
parasitic capacitance and consequently would increase the switched-capacitor 
equivalent capacitance when Ms is off: Cor ¢ = OL Consequently, Q: 
will be defined by the technology and oscillator’s tuning range, and is rarely 
a design parameter to substantially improve the phase noise. 

Another approach to improve the oscillator’s phase noise is by reducing 
the tank’s inductance while keeping its quality factor the same. Doing so 
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Figure 2.4 The switch capacitor tuning circuit in on and off states. 


reduces R; = LwQ;; however, it increases the power consumption Ppc = 
vose_, with the same rate, and hence FoM will not improve. Furthermore, 
by reducing the inductor’s size, the tank interconnection losses become more 
important and, at some point, they will limit its quality factor. This oscillator 
shows the best performance when its oscillation amplitude is around Vpp 
[14-16] and consequently ay = 1. After this point, the oscillation amplitude 
stops increasing with the tail current increase (see Figure 2.3(b)) while its 
power consumption still increases linearly with the tail current, thus reducing 
the FoM. The drain current of M1 2 transistors has almost a square waveform 
when the current source is ideal and so ay = 2 (see Figure 2.3(c)). However, 
in a real scenario, a non-ideal current source will bring up some issues and 
limitations. First of all, My transistor will contribute to the phase noise, thus 
increasing the noise factor beyond 1 + y. The minimum tail node voltage, 
Vr, is also limited by the need to keep the Mr transistor in saturation; con- 
sequently the maximum oscillation voltage amplitude reduces to Vp p — Vsat 
and so ay < 1 (ay ~ 0.8). The capacitance at node T tends to keep its 
voltage at a constant level. Consequently, for large oscillation amplitudes 
with Mı, 9 entering the triode region, the ideal square wave of Mj drain 
current experiences a dimple, as shown in Figure 2.3(c). Hence, a; drops 
from the ideal value of 2, and phase noise is increased. On the other hand, 
when Mı or Mg transistors enter triode region for a portion of oscillation 
period, they will show a low impedance. Furthermore, the equivalent parasitic 
capacitance at node T creates a low impedance path to ground. Therefore, the 
tank finds a discharge path to the ground for the time that either one of these 
transistors is in the triode region and so its quality factor drops, thus limiting 
the oscillator’s phase noise. The Mpy transistor size is usually relatively large 
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in order to reduce its flicker noise. Consequently, the parasitic capacitor at 
node T is large enough to provide such a low frequency path. However, it is 
also helpful in partially filtering the Mr transistor’s thermal noise. 

Various solutions are proposed in the literature to improve the class-B 
topology phase noise or to improve the oscillator’s phase noise—power con- 
sumption trade-off by introducing new classes of oscillations. One of the most 
effective techniques that could improve the class-B considerably is the noise 
filtering technique [17]. In this technique, the Mr’s thermal noise is filtered 
by a relatively large capacitor and a high impedance path is inserted between 
the core transistors and Mp to deny any discharge path to the tank. Although 
this technique is very effective, since the high impedance path is realized by 
another resonator, it increases the die area significantly. Another interesting 
technique to improve the oscillator’s phase noise is to couple N oscillator 
cores together [18]. This technique has been used in microwave circuits [19] 
and also employed to improve phase noise in RF applications [20]. With 
coupling N cores, phase noise reduces by a factor of N while the power 
consumption increases by the same factor. Consequently, although the phase 
noise is reduced, the FoM remains the same. However, the die area is surely 
getting N times larger. 

In the following sections, we briefly review other oscillator topologies 
that attempt to improve the phase noise—power consumption trade-off in an 
oscillator. In a class-C structure, Mı 2 are biased in a way as to always remain 
in saturation during the whole oscillation period. In another strategy, the 
oscillation waveforms in class-D and class-F structures offer special impulse 
sensitivity functions (ISFs) that prevent circuit noise from upconverting to 
phase noise. 


2.3 Class-C Oscillator Topology 


Class-C structure [21] is shown in Figure 2.5(a). In this class of operation, 
the core transistors are kept in saturation and, consequently, they show a 
high impedance during the entire oscillation period. The tank does not find 
a discharge path to the ground and so its quality factor is preserved. This 
structure also saves 36% of the power consumption for the same phase noise 
by changing the square pulses of the M2 drain current in class-B operation 
to narrow and tall pulses with ay = 1. To ensure the saturation region of 
operation, Mı, 2 transistor gates are decoupled from the tank’s oscillation 
voltage and are biased at a value well below the Vpp voltage. A large 
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Figure 2.5 (a) A class-C oscillator schematic and (b) its voltage waveforms. 


capacitor in parallel with the Mr current source allows class-C like tall and 
narrow current pulses for the M; 2 transistors. 

However, the maximum oscillation amplitude is limited in this topology. 
If the oscillation amplitude gets large enough to push Mj)» into triode 
region, not only the tank’s quality factor heavily drops due to large Cr, 
but also Mı 2 drain current will no longer be tall and narrow pulses and 
ay dramatically drops. Consequently, although the phase noise and power 
efficiency are improved for low oscillation amplitudes compared to class-B 
oscillator structure with the same amplitude, the minimum achievable phase 
noise of this structure is limited. An attempt to increase the class-C swing is 
done by removing the current source transistor Mr and generating Vbias by a 
current mirror circuit [22]. That oscillator topology also suffers from a trade- 
off between its robust start-up and the maximum oscillation voltage in steady 
state [23]. Vbias should be relatively large to facilitate start-up, but large Vpias 
values limit the steady-state oscillation amplitude. It was proposed to adjust 
Vbias dynamically in a negative feedback loop [23-25], which consumes 
extra power (see Figure 2.6(a)), or to employ class-B switching transistors in 
parallel with the class-C ones to ensure start-up for low Vpias values [26,27], 
which reduces a; and consequently power efficiency (see Figure 2.6(b)). The 
power efficiency of this structure motivated designers in [28] to incorporate 
this oscillator topology in a Bluetooth low energy (BLE) transmitter. 
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Figure 2.6 (a) A class-C with dynamic generation of Vbias [23]; (b) a hybrid class-B/class-C 
oscillator [27]. 


Interestingly, the inherently low flicker noise operation of class-C has 
long eluded proper explanation. It was only very recently explained in [13] 
by applying the principles disclosed in this book. 


2.4 Class-D Oscillator Topology 


The schematic of this oscillator topology is shown in Figure 2.7(a). The tail 
transistor is removed in this structure, eliminating the overhead voltage nec- 
essary for the tail current source transistor. Furthermore, M; 2 transistor sizes 
are chosen large enough to become almost ideal switches. The oscillation 
voltage amplitude is maximized in this structure and reaches about 3Vpp. 
By doing so, it pushes M; » transistors deep into the triode region (even more 
than in the class-B structure) and, consequently, they generate considerable 
amount of noise. However, as demonstrated in Figure 2.7(b), the oscillation 
voltages, Vı or V2, are forced to ground for almost half the period. V; (V2) 
is mostly grounded when M: (Mz) is in the triode region, and, consequently, 
the ISF of node D, (D2) is almost zero for most of this period, preventing 
Mı (Mz) noise to be upconverted to phase noise. 

The idea of voltage-switching oscillators was first proposed in 1959 
[29] with a discrete BJT implementation, consequently not suitable for RF 
applications. However, recent CMOS technologies make excellent switches 
with reasonable sizes available and consequently this structure is attracting 
an increasing interest [30-32]. The high oscillation amplitude in this struc- 
ture makes it suitable for low-voltage low-phase-noise applications [32, 33]. 
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Figure 2.7 (a) A class-D oscillator schematic and (b) its voltage waveforms. 


The product of the drain current through MOS switches and voltage is 
almost zero across the oscillation period, consequently the power efficiency 
of this structure is beyond 90% [31]. However, this oscillator structure not 
only can work with low voltage supplies but it should utilize low power 
supply voltages, otherwise the 5 transistors, which should be thin-oxide 
devices to guarantee nearly ideal switching, will face breakdown. Another 
limitation of the class-D structure is its relatively high upconversion of 
low-frequency noise as well as high supply pushing. It has been tried to 
minimize this problem by an on-chip LDO in [34], but it is power consum- 
ing. We elaborate this problem in detail in Chapter 5 and then disclose a 
solution. 


2.5 Class-F Oscillator Topologies 


If the ISF of a certain oscillation waveform is negligible for some amount 
of oscillation period, the circuit noise cannot be upconverted to phase noise 
during that time, which is beneficial in reducing the oscillator’s phase noise. 
Class-F oscillators realize such oscillation waveforms by giving rise to 
either third or second harmonic of oscillation voltage [35-39]. This class of 
oscillators is discussed in detail in Chapters 3 and 4. 


2.6 Conclusion 


In this chapter, we briefly introduced different oscillator structures and men- 
tioned their benefits and drawbacks. We discussed the nonidealities that the 
traditional class-B oscillators face and reviewed how each structure tries to 
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overcome them. Class-C oscillators improve phase noise for the same power 
consumption but only when the oscillation amplitude is low enough to keep 
the core transistors in saturation. Class-D oscillators offer a very low noise 
without requiring large supply voltages, but they are limited to low supply 
voltages due to reliability concerns. Class-F oscillators create waveforms with 
a special ISF that prevents conversion from the circuit thermal noise to phase 
noise. 
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A Class-F3; CMOS Oscillator 


An oscillator topology demonstrating an improved phase noise performance 
is introduced and analyzed in this chapter. It exploits a time-variant phase 
noise model with insights into the phase noise conversion mechanisms. This 
oscillator enforces a pseudo-square voltage waveform around the LC tank by 
increasing the third harmonic of the fundamental oscillation voltage through 
an additional impedance peak. This auxiliary impedance peak is realized 
by a transformer with moderately coupled resonating windings. As a result, 
the effective impulse sensitivity function (ISF) decreases, thus reducing the 
oscillator’s effective noise factor such that a significant improvement in the 
oscillator phase noise and power efficiency is achieved. A comprehensive 
study of circuit-to-phase-noise conversion mechanisms of different oscilla- 
tors’ structures shows that the class-F3 exhibits the lowest phase noise at the 
same tank’s quality factor and supply voltage. The prototype of the class- 
Fs oscillator is implemented in TSMC 65-nm standard CMOS. It exhibits 
average phase noise of —142 dBc/Hz at 3 MHz offset from the carrier over 
5.9-7.6 GHz tuning range with figure of merit of 192 dBc/Hz. The oscillator 
occupies 0.12 mm? while drawing 12 mA from 1.25 V supply. 


3.1 Introduction 


Designing voltage-controlled and digitally controlled oscillators (VCO, 
DCO) of high spectral purity and low power consumption is quite challeng- 
ing, especially for GSM transmitter (TX), where the oscillator phase noise 
must be less than —162 dBc/Hz at 20 MHz offset frequency from 915 MHz 
carrier [1]. At the same time, the RF oscillator consumes disproportionate 
amount of power of an RF frequency synthesizer [2,3] and burns more than 
30% of the cellular RX power [4,5]. Consequently, any power reduction of 
RF oscillators will greatly benefit the overall transceiver power efficiency and 
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Figure 3.1 Oscillator schematic: (a) traditional class-B; (b) class-C. 


ultimately the battery lifetime. This motivation has encouraged an intensive 
research to improve the power efficiency of an RF oscillator while satisfying 
the strict phase noise requirements of the cellular standards. 

The traditional class-B oscillator (Figure 3.1(a)) is the most prevalent 
architecture due to its simplicity and robustness. However, as shown in 
Chapter 2, its phase noise and power efficiency performance drops dra- 
matically by replacing the ideal current source with a real one. For the 
best performance, the oscillation amplitude should be near supply voltage 
Vpp [6,7]. Therefore, the gm-devices Mı /2 enter deep triode for part of 
the oscillation period. The low impedance path between node “T” due to 
Mr together with Mj /2 entering deep triode degrades Q-factor of the tank 
dramatically and phase noise improvement by increasing oscillation voltage 
would be negligible. 

The noise filtering technique [8] provides a relatively high impedance 
between the gm-devices and the current source. Hence, the structure main- 
tains the intrinsic Q-factor of the tank during the entire oscillation period. 
However, it requires an extra resonator sensitive to parasitic capacitances, 
increasing the design complexity, area, and cost. 

As we discussed in Chapter 2, the class-C oscillator (Figure 3.1(b)) 
prevents the gm-devices from entering the triode region [9, 10]. Hence, the 
tank Q-factor is preserved throughout the oscillation period. By changing the 
drain current shape to the “tall and narrow” form for the class-C operation, 
the oscillator saves 36% power. However, the constraint of avoiding entering 
the triode region limits the maximum oscillation amplitude of the class-C 
oscillator to around Vpp/2, for the case of bias voltage Vp as low as a 
threshold voltage of the active devices, which limits the lowest achievable 
phase noise performance. 
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Harmonic tuning oscillator enforces a pseudo-square voltage waveform 
around the LC tank through increasing the third harmonic component of the 
fundamental oscillation voltage through an additional tank impedance peak 
at that frequency. Kim et al. [11] exploited this technique to improve the 
phase noise performance of the LC oscillator by increasing the oscillation 
zero-crossings’ slope. However, that structure requires more than two sep- 
arate LC resonators to make the desired tank input impedance. It increases 
die area and cost and decreases tuning range due to larger parasitics. Fur- 
thermore, the oscillator transconductance loop gain is the same for both 
resonant frequencies, thus raising the probability of undesired oscillation 
at the auxiliary tank input impedance. Here, we show how to resolve the 
concerns and quantify intuitively and theoretically the phase noise and power 
efficiency improvement of the class-F3 oscillator compared to other structures 
[12, 13,31]. 

The chapter is organized as follows: Section 3.2 establishes the environ- 
ment to introduce the class-F3 oscillator. The circuit-to-phase-noise conver- 
sion mechanisms are studied in Section 3.3. Section 3.4 presents extensive 
measurement results of the prototype, while Section 3.5 wraps up this chapter 
with conclusions. 


3.2 Evolution Towards Class-F3 Oscillator 


Suppose the oscillation voltage around the tank was a square wave instead 
of a sinusoidal. As a consequence, the oscillator would exploit the special 
ISF [14] properties of the square-wave oscillation voltage to achieve a better 
phase noise and power efficiency. However, the gm-devices would work in 
the triode region (shaded area in Figure 3.2(b)) even longer than in the case 
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Figure 3.2 LC-tank oscillator: (a) noise sources; (b) targeted oscillation voltage (top) and its 
expected ISF (bottom). 
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of the sinusoidal oscillator. Hence, the loaded resonator and gm-device inject 
more noise to the tank. Nevertheless, ISF value is expected to be negligible 
in this time span due to the zero derivative of the oscillation voltage [14]. 
Although the circuit injects huge amount of noise to the tank, the noise cannot 
change the phase of the oscillation voltage and thus there is no phase noise 
degradation. 


3.2.1 Realizing a Square Wave Across the LC Tank 


The above reasoning indicates that the square-wave oscillation voltage has 
special ISF properties that are beneficial for the oscillator phase noise per- 
formance. But how can a square wave be realized across the tank? Let us 
take a closer look at the traditional oscillator in the frequency domain. As 
shown in Figure 3.3, the drain current of a typical LC-tank oscillator is 
approximately a square wave. Hence, it ideally has a fundamental and odd 
harmonic components. On the other hand, the tank input impedance has a 
magnitude peak only at the fundamental frequency. Therefore, the tank filters 
out the harmonic components of the drain current and finally a sinusoidal 
wave is seen across the tank. 

Now, suppose the tank offers another input impedance magnitude peak 
around the third harmonic of the fundamental frequency (see Figure 3.4). 
The tank would be prevented from filtering out the third harmonic compo- 
nent of the drain current. Consequently, the oscillation voltage will contain 
a significant amount of the third harmonic component in addition to the 
fundamental: 


Vin = Vpi Sin (wot) + Vps sin (3wot + Ag) (3.1) 
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Figure 3.3 Traditional oscillator waveforms in time and frequency domains. 
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Figure 3.4 New oscillator’s waveforms in time and frequency domains. 


Ç is defined as the magnitude ratio of the third-to-first harmonic components 
of the oscillation voltage. 


a (pe) 058 (FE) 
£ Vo1 Ry Ipm Rpi PR 


where R,,; and R,3 are the tank impedance magnitudes at the main resonant 
frequency w; and 3w , respectively. Figure 3.5 illustrates the oscillation volt- 
age and its related expected ISF function (based on the closed-form equation 
in [14]) for different ¢ values. The ISF rms value of the new oscillation wave- 
form can be estimated by the following expression for —7/8 < Ad < 7/8: 


1 149¢? 
rl =: =, 3.3 
mm 2030 
The waveform would become a sinusoidal for the extreme case of 
¢ = 0,00, so (3.3) predicts T?,,,, = 1/2, which is well known for the 


traditional oscillators. T?,,,, reaches its lowest value of 1/4 for ¢ = 1/3, 
translated to a 3-dB phase noise and FoM improvement compared to the 
traditional oscillators. Furthermore, ISF of the new oscillator is negligible 
while the circuit injects significant amount of noise to the tank. Consequently, 
the oscillator FoM improvement could be larger than that predicted by just the 


ISF rms reduction. 


3.2.2 F3 Tank 


The argumentation related to Figure 3.4 advocates the use of two resonant 
frequencies with a ratio of 3. The simplest way of realizing that would 
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Figure 3.6 Transformer-based resonator (a) and its equivalent circuit (b). 


be with two separate inductors [11, 15]. However, this will be bulky and 
inefficient. The chosen option in this work is a transformer-based resonator. 
The preferred resonator consists of a transformer with turns ratio n and tuning 
capacitors Cı and C2 at the transformer’s primary and secondary windings, 
respectively (see Figure 3.6). Equation (3.4) expresses the exact mathematical 


equation of the input impedance of the tank. 


Zin = 


53 (LpLsC2(1—k2,))+8?(C2(Lsrp+Lprs))+s(Lp+rsrpC2))+rp 


s? (LpC1 + LsC2 + rprsCiC2)) + s (rpC1 4 


st (LpLsC C2 (1 = k2,)) +83 (C1C2 (Lsrp + Lprs)) + 


» G4) 


1 


rsC2) 


where km is the magnetic coupling factor of the transformer, rp and rs 
model the equivalent series resistance of the primary Lp and secondary Ls 
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inductances [16]. The denominator of Zin is a fourth-order polynomial for 
the imperfect coupling factor (i.e., km < 1). Hence, the tank contains two 
different conjugate pole pairs, which realize two different resonant frequen- 
cies. Consequently, the input impedance has two magnitude peaks at these 
frequencies. Note that both resonant frequencies can satisfy the Barkhausen 
criterion with a sufficient loop gain [17]. However, the resulting multi- 
oscillation behavior is undesired and must be avoided [18]. In our case, it 
is preferred to see an oscillation at the lower resonant frequency w, and the 
additional tank impedance at wz is used to make a pseudo-square waveform 
across the tank. These two possible resonant frequencies can be expressed as 


2 
L,C: E \ LC: | LC. 
, 1+ (Be) + yt + (Eee) +(e) (442, - 2) 
w12 = GO) , 


(3.5) 


The following expression offers a good estimation of the main resonant 
frequency of the tank for 0.5 < km < 1. 


1 
(LpC1 F L,C2) 


w= 


(3.6) 


However, we are interested in the ratio of resonant frequencies as given by 


wz fl + X44/14+ X24 X (4k2, — 2) (3.7) 
w OV LAK = 9/1 ee (Ake -2) 
where X-factor is defined as 
Ls =) 
X =|=. ~]. 3.8 
(= C (3.8) 


Equation (3.7) indicates that the resonant frequency ratio w2/w is just a 
function of the transformer inductance ratio Ls/Lp, tuning capacitance ratio 
C2/Ci, and transformer magnetic coupling factor km. The relative matching 
of capacitors (and inductors) in today’s CMOS technology is expected to 
be much better than 1%, while the magnetic coupling is controlled through 
lithography that precisely sets the physical dimensions of the transformer. 
Consequently, the relative position of the resonant frequencies is not sensitive 
to the process variation. The w2/w ratio is illustrated versus X-factor for 
different km in Figure 3.7. As expected, the ratio moves to higher values for 
larger km and finally the second resonance disappears for the perfect coupling 
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Figure 3.7 Ratio of the tank resonant frequencies versus X-factor for different km. 


factor. The ratio of w2/w 1 reaches the desired value of 3 at two points for the 
coupling factor of less than 0.8. Both points put wz at the correct position of 
3w 1. However, the desired X-factor should be chosen based on the magnitude 
ratio Rp2/Rpi of the tank input impedance at resonance. The sum of the even 
orders of the denominator in (3.4) is zero at resonant frequencies. It can be 
shown that the first-order terms of the numerator and the denominator are 
dominant at w1. By using (3.6), assuming Qp = Lpw/rp, Qs = Lsw/rs, the 
tank input impedance at the fundamental frequency is expressed as 


L -0.= 
p EN s b G8) 
, (42 + La) 
1 Q Qs 


On the other hand, it can be shown that the third-order terms of the 
numerator and the denominator are dominant in (3.4) at w2 = 3w1. It follows 
that 


Rp ~ 


(3.10) 


Rp2 is a strong function of the coupling factor of the transformer and 
thus the resulting leakage inductance. Weaker magnetic coupling will result 
in higher impedance magnitude at w2 and, consequently, the second reso- 
nance needs a lower transconductance gain to excite. It could even become 
a dominant pole and the circuit would oscillate at w2 instead of w1. This 
phenomenon has been used to extend the oscillator tuning range in [17, 19], 
and [20]. As explained before, Rp2 /Rpi controls the amount of the third 
harmonic component of the oscillation voltage. The impedance magnitude 
ratio is equal to 

Rp _ (L—k7,) +X) 
Rn 6 


. (3.11) 
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Figure 3.8 The transformer-based tank characteristics: (a) the input impedance, Zin magni- 
tude; (b) the trans-impedance, Z21 magnitude; (C) transformer’s secondary to primary voltage 
gain; (d) the phase of Zin and Z21 (momentum simulation). 


Hence, the smaller X-factor results in lower tank equivalent resistance at 
wə = 3w1. Thus, the tank filters out more of the third harmonic of the drain 
current and the oscillation voltage becomes more sinusoidal. Figure 3.8(a) 
illustrates momentum simulation results of Zin of the transformer-based tank 
versus frequency for both X -factors that satisfy the resonant frequency ratio 
of 3. The larger X-factor offers significantly higher tank impedance at w2, 
which is entirely in agreement with the theoretical analysis. 

The X-factor is defined as a product of the transformer inductance 
ratio Ls/Lp and tuning capacitance ratio C2/C1. This leads to a question 
of how to best divide X-factor between the inductance and capacitance 
ratios. In general, larger Ls/Lp results in higher inter-winding voltage gain, 


36 A Class-F3 CMOS Oscillator 


which translates to sharper transition at zero-crossings and larger oscillation 
amplitude at the secondary winding. Both of these effects have a direct 
consequence on the phase noise improvement. However, the transformer 
Q-factor drops by increasing the turns ratio. In addition, very large oscillation 
voltage swing brings up reliability issues due to the gate-oxide breakdown. 
It turns out that the turns ratio of 2 can satisfy the aforementioned constraints 
altogether. 


3.2.3 Voltage Gain of the Tank 


The transformer-based resonator, whose schematic was shown in Figure 3.6, 
offers a filtering function on the signal path from the primary to the secondary 
windings. The tank voltage gain is derived as 

G(s) = Yet = 53(LpL,O3(1—k2,)) +8 ee z 

A pLsC2 2 )) +82 (Co(LsrptLyprs))+s(LptrstpC2))+1p 
(3.12) 

Bode diagram of the tank voltage gain transfer function is shown in 
Figure 3.9. The tank exhibits a 20 dB/dec attenuation for frequencies lower 
than the first pole and offers a constant voltage gain at frequencies between 
the first pole and the complex conjugate pole pair at wp. The gain plot reveals 
an interesting peak at frequencies around w,, beyond which the filter gain 
drops at the —40 dB/dec slope. The low frequency pole is estimated by 


wp = =. (3.13) 


By substituting r, = Lpw/Qp, rs = Lsw/Qs and assuming Q,-Qs > 1, 
the tank gain transfer function can be simplified to the following equation for 


T 
f Gmax. J 


N 
o 
T 


= 
o 
T 


Tank Voltage Gain (dB) 
è o 


N 
i=} 
T 


8 Wp 10° Wp 
frequency (Hz) 


10" 10 


Figure 3.9 Typical secondary-to-primary winding voltage gain of the transformer-based 
resonator versus frequency. 
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the frequencies beyond wy): 


M 
G(s) = Lp . (3.14) 
s? (LsC2 (1 — k2,)) +8 (1.Cow (4 at a:)) 7 


The main characteristics of the tank voltage gain can be specified by 
considering it as a biquad filter. 


Go 
G(s) = ; (3.15) 
E 
where 
Go = kmn. (3.16) 


The peak frequency is estimated by 


1 
“=y uU) me 


Qf represents the amount of gain jump around wp and expressed by 


1— k2, 
Qs = O En), (3.18) 
Q T 


Hence, the maximum voltage gain is calculated by 


(1 — k2) 
Grex = kan x TT. 1° (3.19) 
Qp ' Qs 


Equation (3.19) and Figure 3.9 demonstrate that the transformer-based 
resonator can offer the voltage gain above kmn at the frequencies near wp for 
km < 1 and the peak magnitude is increased by improving Q-factor of the 
transformer individual inductors. Consequently, w should be close to wp to 
have higher passive gain at the fundamental frequency and more attenuation 
at its harmonic components. Equations (3.6) and (3.17) indicate that w, is 
always located at frequencies above w, and the frequency gap between them 
decreases with greater X-factor. Figure 3.8(c) illustrates the voltage gain of 
the transformer-based tank for two different X-factors that exhibit the same 
resonant frequencies. The transformer peak gain happens at much higher 
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Table 3.1 Normalized zero-crossing slope of the novel oscillator 
Normalized Zero-crossing Slope 

Traditional LC 1 

Novel tank (primary) 14+3¢=14+3-1/6=1.5 

Novel tank (secondary) Gj-3Ge¢ = 2.1 — 3 - 0.4 - 1/6 = 1.9 


frequencies for the smaller X-factor and, therefore, the gain is limited to 
only kmn (2 dB in this case) at w1. However, X-factor is around 3 for the 
new oscillator and, as a consequence, wp moves lower and much closer to w1. 
Now, the tank offers higher voltage gain (G1 = 6 dB in this case) at the main 
resonance and more attenuation (Gg = —7 dB) at we. This former translates 
to larger oscillation voltage swing and thus better phase noise. 

As can be seen in Figure 3.8(d), the input impedance Zin phase is 
zero at the first and second resonant frequencies. Hence, any injected third 
harmonic current has a constructive effect resulting in sharper zero-crossings 
and flat peak for the transformer’s primary winding voltage. However, the 
tank trans-impedance, Za; phase shows a 180 degree phase difference at w1 
and w2 = 3w,. Consequently, the third harmonic current injection at the 
primary windings leads to a slower zero-crossings slope at the transformer’s 
secondary, which has an adverse outcome on the phase noise performance of 
the oscillator. Figure 3.8(a—c) illustrates that this transformer-based resonator 
effectively filters out the third harmonic component of the drain current at the 
secondary winding in order to minimize these side effects and zero-crossings 
are sharpened by tank’s voltage gain (G1) at w1. Table 3.1 shows that the zero- 
crossing slope of this oscillator at both transformer’s windings are improved 
compared to the traditional oscillator for the same V pp, which is translated 
to shorter commutating time and lower active device noise factor. 


3.2.4 Class-F3 Oscillator 


The desired tank impedance, inductance, and capacitance ratios were 
determined above to enforce the pseudo-square-wave oscillation voltage 
around the tank. Now, two transistors should be customarily added to the 
transformer-based resonator to sustain the oscillation. There are two options, 
however, as shown in Figure 3.10, for connecting the transformer to the active 
gm-devices. The first option is a transformer-coupled class-F3 oscillator in 
which the secondary winding is connected to the gate of the gm-devices. The 
second option is a cross-coupled class-F3 oscillator with a floating secondary 
transformer winding, which only physically connects to tuning capacitors Co. 
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Figure 3.10 Two options of the transformer-based class-F3 oscillator: (a) transformer- 
coupled and (b) cross-coupled. The first option was chosen as more advantageous in this 
work. 
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Figure 3.11 Root-locus plot of the transformer-based class-F3 oscillator: (a) transformer- 
coupled structure of Figure 3.10(a); and (b) cross-coupled structure of Figure 3.10(b). 


The oscillation voltage swing, the equivalent resonator quality factor, and 
tank input impedance are the same for both options. However, the gm-device 
sustains larger voltage swing in the first option. Consequently, its commuta- 
tion time is shorter and the active device noise factor is lower. In addition, 
the gm-device generates higher amount of the third harmonic, which results 
in sharper pseudo-square oscillation voltage with lower ISF rms value. The 
second major difference is about the possibility of oscillation at wz instead of 
w1. The root-locus plot in Figure 3.11 illustrates the route of pole movements 
towards zeros for different values of the oscillator loop transconductance gain 
(Gm). As can be seen in Figure 3.11(b), both resonant frequencies (w1, w2) 
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can be excited simultaneously with a relatively high value of Gm for the cross- 
coupled class-F3 oscillator of Figure 3.10(b). It can increase the likelihood 
of the undesired oscillation at w2. However, the transformer-coupled circuit 
of Figure 3.10(a) demonstrates a different behavior. The lower frequency 
conjugate pole pair moves into the right-hand plane by increasing the absolute 
value of Gm, while the higher poles are pushed far away from imaginary axis 
(see Figure 3.11(a)). This guarantees that the oscillation can only happen at 
w1. Consequently, it becomes clear that the transformer-coupled oscillator is a 
better option due to its phase noise performance and the guaranty of operation 
at the right resonant frequency. Nevertheless, the gate parasitic capacitance 
appears at the drain through a scaling factor of n?, which reduces its tuning 
range somewhat as compared to the cross-coupled candidate. 

Figure 3.12(a) illustrates the unconventional oscillation voltage wave- 
forms of this transformer-coupled class-F3 oscillator. As specified in Sec- 
tion 3.2.3, the third harmonic component of the drain voltage attenuates at the 
gate and thus a sinusoidal wave is seen there. The gate—drain voltage swing 
goes as high as 2.7-Vpp due to the significant voltage gain of the tank. Hence, 
using thick-oxide gm-devices is a constraint to satisfy the time-dependent 
dielectric breakdown (TDDB) issue for less than 0.01% failure rate during 
10 years of the oscillator operation [21,22]. The costs are larger parasitics 
capacitance and slightly lower frequency tuning range. 

The frequency tuning requires a bit different consideration in the class-F3 
oscillator. Both Cı and C2 must, at a coarse level, be changed simultaneously 
to maintain L,C2/L,)C; ratio such that we aligns with 3w1. 

Figure 3.12(b) shows the transient response of the class-F oscillator. At 
power up, the oscillation voltage is very small and the drain current pulses 
have narrow and tall shape. Even though the tank has an additional impedance 
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Figure 3.12 (a) Oscillation voltage waveforms and (b) transient response of the class-F3 
oscillator. 
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at 3w 1, the third harmonic component of the drain current is negligible and, 
consequently, the drain oscillation resembles a sinusoid. At steady state, 
gate oscillation voltage swing is large and the gm-device drain current is 
square wave. Consequently, the combination of the tank input impedance 
with significant drain’s third harmonic component results in the pseudo- 
square-wave for the drain oscillation voltage. This justifies its “class-F3” 
designation. 


3.3 Class-F3; Phase Noise Performance 


3.3.1 Quality Factor of Transformer-Based Resonator 


The Q-factor of the complex tank, which comprises two coupled resonators, 
does not appear to be as straightforward in intuitive understanding as the 
Q-factor of the individual physical inductors. It is, therefore, imperative to 
understand the relationship between the open-loop Q-factor of the tank versus 
the Q-factor of the inductive and capacitive parts of the resonator. 

First, suppose the tuning capacitance losses are negligible. Consequently, 
the oscillator equivalent Q-factor just includes the tank’s inductive part losses. 
The open-loop Q-factor of the oscillator is defined as wo/2 - dø /dw, where 
wo is the resonant frequency and dø /dw denotes the slope of the phase of the 
oscillator open-loop transfer function [23]. To determine the open-loop Q, we 
need to break the oscillator loop at the gate of Mj, as shown in Figure 3.13. 
The open-loop transfer function is thus given by 


Hgs = = (3.20) 


Ij, As4¢+Bsi+Cs2?+ Ds4+1’ 


Figure 3.13 Open-loop circuit for unloaded Q-factor calculation (a); its equivalent 
circuit (b). 
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where A = Ly LsC iC (1 T k2), B=C\Co (ars + Lists); CS Lpi + 
LsC2 +rprsC1C2, and D = rpC1 +rsC2. After carrying out lengthy algebra 
and considering (1 — Cw? + Awt ~ 0) at the resonant frequencies, 


w dọ (w) (Cw — 2Aw?) 


Qi = ie DS Ba (3.21) 


Substituting A, B, C, and D into (3.21), then swapping rp and r, with 
Lpw/Qp and Lsw/Qs, respectively, and assuming QpęQs >> 1, we obtain 


(LpC1 + LsC2) — 2 (LpLsC1C2 (1 — k?,)) w? 
i = LpCi | LC 1 1 2 
(FE + HB) -Caki (gtt). 


Substituting (3.5) as w into the above equation and carrying out the 
mathematics, the tank’s inductive part Q-factor at the main resonance is 


(3.22) 


(1+ X? + 2k X) 
4 2 ni 
(a+ &) 
To help with an intuitive understanding, let us consider a boundary case. 
Suppose that C2 is negligible. Therefore, X-factor is zero and (3.23) predicts 
that the Q; equals to Qp. This is not surprising because no energy would be 
stored at the transformer’s secondary winding and its Q-factor would not have 
any contribution to the equivalent Q-factor of the tank. In addition, (3.23) 
predicts that the equivalent Q-factor of the tank’s inductive part can exceed 
Q-factors of the individual inductors. This clearly proves Q-factor enhance- 
ment over that of the transformer’s individual inductors. The maximum tank’s 
inductive part Q-factor is obtained at the following X-factor for a given km, 


Qp, and Qs. 


(3.23) 


XQmar = Qs (3.24) 
Qp 
For a typical case of Qs = Qp = Qo, the maximum Q; at w is 
calculated by 
XQi,maz =l17 Qi maz — Qo (1 T km) : (3,25) 


The above equation indicates that the equivalent Q-factor of the inductive 
part of the transformer-based resonator can be enhanced by a factor of 1+ km 
at the optimum state. However, it does not necessarily mean that the Q-factor 
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of the transformer-based tank generally is superior to the simple LC resonator. 
The reason is that it is not possible to optimize the Q-factor of both windings 
of a 1:n transformer at a given frequency and one needs to use lower metal 
layers for the transformer cross connections, which results in more losses and 
lower Q-factor [24,25]. For this prototype, the X-factor is around 3 with 
km = 0.7 and the simulated Q, and Q, are 14 and 20, respectively. Based 
on (3.23), the equivalent Q-factor of the inductive part of the tank would be 
about 26, which is higher than that of the transformers’ individual inductors. 
The Q-factor of the switched capacitance largely depends on the tuning range 
(TR) and operating frequency of the oscillator and is about 42 for the TR of 
25% at 7 GHz resulting in an average Q-factor of 16 for the tank in this design. 


3.3.2 Phase Noise Mechanism in Class-F3 Oscillator 


According to the linear time-variant model [14], the phase noise of the 
oscillator at an offset frequency Aw from its fundamental frequency is 
expressed as 
L(Aw) = 10 logy, (25) (3.26) 
2 Trax (Aw) 
where Qmaz is the maximum charge displacement across the tuning capacitor 
C and Nz; is the effective noise produced by ith device given by 


1 27 
Ni = —— T(t) i2, 27 
vim gaye | TOR Wat G27) 


where i? (t) is the white current noise power density of the ith noise source, 
T; is its relevant ISF function from the corresponding ith device noise, and 
N is the number of resonators in the oscillator. N is considered one for single- 
ended and two for differential oscillator topologies with a single LC tank [7]. 

Figure 3.14 illustrates the major noise sources of CMOS class-B, class C, 
and class-F3 oscillators. R, and Gq4s1,2(t) represent the equivalent tank par- 
allel resistance and channel conductance of the gm transistors, respectively. 
On the other hand, Gm1,2 and Gmr model the noise due to transconductance 
gain of active core and current source transistors, respectively. By substituting 
(3.27) into (3.26) and carrying out algebra, the phase noise equation is 
simplified to 


KpTR wo \2 
L(Aw) = 10 logy ae (=) ) (3.28) 
t "p 
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Figure 3.14 RF CMOS oscillator noise sources. 


where Q; is the tank’s equivalent quality factor and V, is the maximum 
oscillation voltage amplitude, derived by 


1 1 1 
n (3+0) (1+ 30) ar: Rp: Ip, gots! 
(l= ()- 07+ Rp: Ip, Va CS 


where qay is the current conversion efficiency of the oscillator, expressed as 
the ratio of the fundamental component of gm-devices drain current to dc 
current Ip of the oscillator. F in (3.28) is the effective noise factor of the 
oscillator, expressed by 


2m t)R 
F= P dt. f 
2 On Le mi “Ker ¢ ve) 


Suppose that Cr is large enough to filter out the thermal noise of the tail 
transistor. Consequently, F consists of the noise factor of the tank (Fignx), 
transistor channel conductance (Fps), and gm of core devices (Fam). The 
expressions of Fiank and Fe pg are 

1+9? 


1 2T 
Fank = — T? n tdt = Ip X —— 3.31 
toon =f Temele) ae 63D) 


1 20 
Fovs == | Tiros(t)Gosilt)Rrdt ~ 2%,,Rp-Gosipr, 3.32) 
0 
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where GpsgrFı is the effective drain—-source conductance of one of the gm- 
devices expressed by 


Gpsipr = Gpsi(0] — Gpsi [2], (3.33) 


where Gpsj[k] describes the kth Fourier coefficient of the instantaneous 
conductance, Ggs1(t) [26]. Fam can be calculated by 


1 2m 
Fom = 1f Thios) yGmi(t)Rpdt ~ T?ns: 7 Rp:Gmier. (3.34) 
0 


Now, the effective negative transconductance of the oscillator needs to 
overcome the tank and its own channel resistance losses and, therefore, the 
noise due to Gay also increases. 


1/1 
G =- | — +G 3.35 
MIEF = 7 (= E psier ) , (3.35) 
where A is the voltage gain of feedback path between the tank and MOS gate. 


By substituting (3.35) into (3.34) 


es 
A 


Consequently, the effective noise factor of the oscillator is given by 


Fom = 2T?ns -(1+ RPGpsiEr). (3.36) 


F=2T2,.- (1 a T) ALA eC nue): (3.37) 
This is a general result and is applicable to the class-B, class-C, and class-F3. 
The oscillator FoM normalizes the phase noise performance to the oscillation 
frequency and power consumption, yielding 


0°? Kp T 
FoM = —10-logio (Gee =O Te (1 + =) “(1st RrGosiee)). 


Sopi T k (3.38) 


where ay is the voltage efficiency, defined as Vp/V pp. 

To get a better insight, the circuit-to-phase-noise mechanism, relative 
phase noise, and power efficiency of different oscillator classes are also 
investigated and compared together in this section. Figure 3.15(a—f) shows 
the oscillation voltage and drain current for the traditional, class-C and class- 
F oscillators for the same V pp (i.e., 1.2 V), tank Q-factor (i.e., 15), and Rp 
(i.e., 220 Q). 
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Figure 3.15 Mechanisms of circuit noise to phase noise 
RF CMOS oscillator. 
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The ay must be around 0.8 for the class-B and class-F3 oscillators due to 
the voltage drop Vasaz across the tail transistor needed to keep it in saturation. 
The combination of the tail capacitance and entering the gm-devices into 
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the linear region reduces a; of class-B from the theoretical value of 2/7 to 
around 0.55. Fortunately, a; is maintained around 2/7 for class-F3 due to the 
pseudo-square drain voltage and larger gate amplitude. The class-C oscillator 
with a dynamic bias of the active transistor offers significant improvements 
over the traditional class-C and maximizes the oscillation amplitude without 
compromising the robustness of the oscillator start-up [27]. Nevertheless, its 
ay is around 0.7 to avoid gm-devices entering the triode region. Class-C 
drain current composed of tall and narrow pulses results in a; equal to 0.9 
(ideally 1). 

Obtaining the ISF function is the first step in the calculation of the 
oscillator’s effective noise factor. The class-B/C ISF function is a sinusoid in 
quadrature with the tank voltage [7,28]. However, finding the exact equation 
of class-F3 ISF is not possible; hence, we had to resort to painstakingly long 
Cadence™ simulations to obtain the ISF curves. Figure 3.15(g) shows the 
simulated class-F tank equivalent ISF function, which is smaller than the 
other classes for almost the entire oscillation period. 

Figure 3.15(h) demonstrates the tank effective noise factor along the 
oscillation period for different oscillator classes. The Frp is 32% lower for 
this class-F3 due to its special ISF properties. The gm-device M; channel 
conductance across the oscillation period is shown in Figure 3.15(i). As 
expected, G ps1(t) of class-F3 exhibits the largest peak due to high oscillation 
swing at the gate and, consequently, injects more noise than other structures 
to the tank. On the other hand, class-C operates only in the saturation region 
and its effective transistor conductance is negligible. Figure 3.150) strongly 
emphasizes that the gm-device resistive channel noise could even be 7 times 
higher than the tank noise when the M; operates in the linear region. To get 
a better insight, one need to simultaneously focus on Figures 3.15(j) and (k). 
Although the class-F3; Gpsı generates lots of noise in the second half of 
the period, its relevant ISF value is very small there. Hence, the excessive 
transistor channel noise cannot convert to the phase noise and as shown in 
Figure 3.15(1), the Feps of class-F3 is one-half of the traditional oscillator. 
The transconductance loop gains of the different oscillator structures are 
shown in Figure 3.15(m). Class-F3 needs to exhibit the highest effective 
transconductance loop gain to compensate its larger gm-devices channel 
resistance losses. However, half of the required loop gain is covered by the 
transformer-based tank voltage gain. Figure 3.15(0) demonstrates the active 
device effective noise factor along the oscillation period. Class-F3 offers the 
lowest Fam due to its special ISF nature and the passive voltage gain between 
the tank and gate of the gm-transistors. 
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Table 3.2 Comparison of different oscillator’s classes for the same Vpp (1.2 V), tank 
Q-factor (15), Rp (i.e. 220 Q), and carrier frequency (7 GHz) at 3 MHz offset frequency 


Theoretical Expression Class-B Class-C Class-F3 
Fpp PA A 1 (average) 1 (average) 0.7 (best) 
Feps 2l 2ns RPGDSEF1 0.56 (worst) 0.07 (best) (0.27 (average) 
Fem ARAN oe (1+ ReGpsiser) 1.56 (worst) | 1.07 (average) | 0.7+ (best) 
F 2T2ms (1+ 4) (1+ ReGpsinr)| 5.5 dB (worst) |3.9 dB (average)| 2.8 dB (best) 
ar Tai /Ip 0.55 (worst) 0.9 (best) 0.63 (average) 
av Vp/ VDD 0.8 (best) 0.7 (average) 0.8 (best) 

KBTR 2 
PN(dBc/Hz)) 10 logy ( 7 vt "F. (32) ) 133.5 (worst)| —134 (average) | —136 (best) 
FoM (dB) —10 logy, | ET fp 191.2 (worst) | 194.5 (best) | 194.2 (~ best) 
2Qarav 


Table 3.2 summarizes the performance of different oscillator classes of 
this example. It can be concluded that class-F3 oscillator achieves the lowest 
circuit-to-phase-noise conversion along the best phase noise performance 
with almost the same power efficiency as the class-C oscillator. 

The use of transformer in the class-F3 configuration offers an additional 
reduction of the 1/f? phase noise corner. The transformer inherently rejects 
the common-mode signals. Hence, the 1/f noise of the tail current source can 
appear at the transformer’s primary, but it will be effectively filtered out on 
the path to the secondary winding. Consequently, the AM-to-PM conversion 
at the Co switched capacitors is entirely avoided. 


3.3.3 Class-F3; Operation Robustness 


Figure 3.16(a) illustrates the tank input impedance magnitude and phase for 
the imperfect position of the second resonance frequency wz. A 6% mismatch 
is applied to the C2/C ratio, which shifts w2 to frequencies higher than 
3w 1. Hence, the third harmonic of the drain current is multiplied by a lower 
impedance magnitude with a phase shift resulting in a distorted pseudo- 
square oscillation waveform as shown in Figure 3.16(b). Intuitively, if the 
Q-factor at w2 was smaller, the tank impedance bandwidth around it would 
be wider. Therefore, the tank input impedance phase shift and magnitude 
reduction would be less for a given wə drift from 3w . As a consequence, the 
oscillator would be less sensitive to the position of wz and thus the tuning 
capacitance ratio. Based on the open-loop Q-factor analysis, substituting 
w? ~ 9/(LsC2 + LpC1) into (3.22), the Q; is obtained as 0.3Qo at we. 
Fortunately enough, the proposed tank configuration automatically reduces 
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Figure 3.16 Sensitivity of class-F3 oscillator to the position of the second resonant 
frequency: tank’s input impedance magnitude and phase (top); oscillation waveform (bottom). 


the equivalent tank Q-factor at w2 to 30% of the main resonance Q-factor. 
This is completely in line with the desire to reduce the sensitivity to the 
position of wə in class-F3. Consequently, a realistic example +30 fF variation 
in Cı from its optimum point has absolutely no major side effects on the 
oscillator waveform and thus its phase noise performance, as apparent from 
Figure 3.16. It is strongly emphasized that the circuit oscillates based on 
w 1 resonance, and low Q-factor at w has no adverse consequence on the 
oscillator phase noise performance. 


3.4 Experimental Results 
3.4.1 Implementation Details 


The class-F3 oscillator, whose schematic was shown in Figure 3.10(a), has 
been realized in TSMC 1P7M 65-nm CMOS technology with Alucap layer. 
The differential transistors are thick-oxide devices of 12(4-um/0.28-um) 
dimension to withstand large gate voltage swing. However, the tail current 
source Mr is implemented as a thin-oxide 500-um/0.24-um device biased 
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in saturation. The large channel length is selected to minimize its 1/f noise. 
Its large drain—bulk and drain—gate parasitic capacitances combined with 
Cr = 2 pF MOM capacitor shunt the My thermal noise to ground. The step- 
up 1:2 transformer is realized by stacking the 1.45 um Alucap layer on top 
of the 3.4 um thick top (M7 layer) copper metal. Its primary and secondary 
differential self-inductances are about 500 and 1500 pH, respectively, with 
the magnetic coupling factor of 0.73. The transformer was designed with a 
goal of maximizing Q-factor of the secondary winding, Qs, at the desired 
operating frequency. Based on (3.23), Qs is the dominant factor in the tank 
equivalent Q-factor expression, provided (L,C2) /(L,C1) is larger than one, 
which is valid for this oscillator prototype. In addition, the oscillation voltage 
is sinusoidal across the secondary winding. It means the oscillator phase noise 
is more sensitive to the circuit noise at the secondary winding compared to 
the primary side with the pseudo-square waveform. Four switched MOM 
capacitors Bco — Bc3 placed across the secondary winding realize coarse 
tuning bits, while the fine control bits Bro — Br3 with LSB size of 20 fF 
adjust the position of wz near 3w,. The center tap of the secondary winding 
is connected to the bias voltage, which is fixed around 1 V to guarantee safe 
oscillator start-up in all process corners. A resistive shunt buffer interfaces 
the oscillator output to the dynamic divider [2]. A differential output buffer 
drives a 50-2. load. The separation of the oscillator core and divider/output 
buffer voltage supplies and grounds serves to maximize the isolation between 
the circuit blocks. The die micrograph is shown in Figure 3.17. The oscillator 
core die area is 0.12 mm?. 


3.4.2 Measurement Results 


The measured phase noise at 3.7 GHz (after the on-chip +2 divider) at 1.25 V 
and 12 mA current consumption is shown in Figure 3.18. The phase noise of 
—142.2 dBc/Hz at 3 MHz offset lies on the 20 dB/dec slope, which extrapo- 
lates to —158.7 dBc/Hz at 20 MHz offset (—170.8 dBc/Hz when normalized 
to 915 MHz) and meets the GSM TX mobile station (MS) specification with 
a very wide 8 dB margin. The oscillation purity of the class-F3 oscillator is 
good enough to compare its performance to cellular basestation (BTS) phase 
noise requirements. The GSM/DCS “Micro” BTS phase noise requirements 
are easily met. However, the phase noise would be off by 3 dB for the toughest 
DCS-1800 “Normal” BTS specification at 800 kHz offset frequency [29]. The 
1/f? phase noise corner is around 700 kHz at the highest frequency due to 
the asymmetric layout of the oscillator differential nodes further magnified 
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Figure 3.17 Die photograph of class-F3 oscillator. 
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Figure 3.18 Measured phase noise at 3.7 GHz and power dissipation of 15 mW. Specifica- 
tions (MS: mobile station; BTS: basestation) are normalized to the carrier frequency. 
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Figure 3.19 (a) Phase noise and figure of merit (FoM) at 3 MHz offset versus carrier 
frequency and (b) frequency pushing due to supply voltage variation. 


by the dominance of parasitics in the equivalent tank capacitance. The 1/f? 
phase noise corner moves to around 300 kHz at the middle and low parts of 
the tuning range. The noise floor is —160 dBc/Hz and dominated by thermal 
noise from the divider and buffers. The oscillator has a 25% tuning range from 
5.9 to 7.6 GHz. Figure 3.19(a) shows the average phase noise performance 
of four samples at 3 MHz offset frequency across the tuning range (after the 
divider), together with the corresponding FoM. The average FoM is as high as 
192 dBc/Hz and varies about 2 dB across the tuning range. The divided output 
frequency versus supply is shown in Figure 3.19(b) and reveals very low 
frequency pushing of 50 and 18 MHz/V at the highest and lowest frequencies, 
respectively. 

The phase noise of the class-F3 oscillator was measured at the fixed 
frequency of 3.5 GHz for two configurations. In the first configuration, the 
C2/C ratio was set to one to align the second resonant frequency wz exactly 
at the third harmonic of the fundamental frequency w1. This is the optimum 
configuration of the class-F3 oscillator (Figure 3.20, top). In the second con- 
figuration, the oscillation frequency is kept fixed, but an unrealistically high 
40% mismatch was applied to the C2/C; ratio, which lowers w, in order to 
see its effects on the phase noise performance (see Figure 3.20, bottom). As a 
consequence, the third harmonic component of the drain oscillation voltage is 
reduced and a phase shift can be seen between voltage waveform components 
at 3w , and w1. Therefore, its ISF rms value is worse than optimum, thus 
causing a 2-dB phase noise degradation in the 20-dB/dec region. In addition, 
the voltage waveform demonstrates more asymmetry in the rise and fall times, 
which translates to the non-zero ISF dc value and increases the upconversion 
factor of the 1/f noise corner of gm-devices. As can be seen in Figure 3.20, the 
1/f° phase noise corner is increased by 25% or 100 kHz in the non-optimum 
case. It results in a 3-dB phase noise penalty in the flicker noise region. 
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Figure 3.20 Measured phase noise at 3.5 GHz and simulated oscillation waveforms: 
(a) optimum case; (b) exaggerated non-optimum case. 


Table 3.3 summarizes performance of this class-F3 oscillator and com- 
pares it with the relevant oscillators. The class-F3 demonstrates a 5-dB phase 
noise and 7-dB FoM improvements over the traditional commercial oscillator 
[2] with almost the same tuning range. For the same phase noise performance 
range (—154 to —155 dBc/Hz) at 3-MHz offset for the normalized 915-MHz 
carrier, the class-F3 oscillator consumes only 15 mW, which is much lower 
than that with Colpitts [30], class B/C [10], and clip-and-restore [29] topolo- 
gies. Only the noise-filtering-technique oscillator [8] offers a better power 
efficiency but at the cost of an extra dedicated inductor and thus larger die. 
Also, it uses a 2.5-V supply, thus making it unrealistic in today’s scaled 
CMOS. From the FoM point of view, the class-C oscillator [9] exhibits a 
better performance than the class-F3 oscillator. However, the voltage swing 
constraint in class-C limits its phase noise performance. As can be seen, the 
class-F3 demonstrates more than 6 dB better phase noise with almost the same 
supply voltage. Consequently, the class-F3 oscillator has reached the best 
phase noise performance with the highest power efficiency at low voltage 
supply without the die area penalty of the noise-filtering technique or voltage 
swing constraint of the class-C VCOs. 

Class-F3 operation is also extended to mm-wave frequency generation 
in [32] and [33] which may interest a curious reader. 
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Table 3.3 Comparison with relevant oscillators 


This work} [9] [8] [29] [10] [30] [2] [20] 
Technology CMOS | CMOS | CMOS | CMOS | CMOS | BiCMOS | CMOS | CMOS 
65nm |130nm/350 pm} 65nm |} 55nm |0.130 pm] 90nm) 65 nm 
Supply voltage (V) 1.25 1 2:5 1.2 1.5 3.3 1.4 0.6 
Frequency (GHz) 3.71 5.2 1.2 3.921 | 3.351 1.56 | 0.915 3.7 
Tuning range (%) 25 14 18 10.2 31.4 9.6 24.3 77 


PN at 3 MHz (dBc/Hz) 142.2 141.2 152 141.7 142 150.4 149 137.1 
Norm. PN? (dBc/Hz) 154.3 147.5 | —154.8 154.4 153.3 155 149 149.21 


Ipc (mA) 12 1.4 3.74 18 12 88 18 17.5 

Power 15 1.4 9.25 25.2 27 290 25.2 10.5 
consumption (mW) 

FoM? (dB) 192.2 195 195 189.9 189 180 184.6 | 188.7 

FoM#, (dB) 200.2 198.4 | 200.7 190 199 179.7 | 192.3 | 206.5 

Inductor/transformer 1 1 2 2 1 1 1 1 
count 

Area (mm?) 0.14 0.11 N/A 0.19 0.196 N/A N/A | 0.294 

Oscillator structure Class-F3 |Class-C| Noise |Clip-and-| Class | Colpitts | Tradi | Dual 

filtering | restore B/C tional | mode 


1 After on-chip +2 divider. 

?Phase noise at 3-MHz offset frequency normalized to 915-MHz carrier. 
3FOM = |PN]| + 20logy9((fo/Af)) — 10 log1o(Ppc/1mW). 

4FOMr = |PN]| + 20log10((fo/Af)(TR/10)) — 10 log9(Ppc/ImW). 


3.5 Conclusion 


We showed a LC-tank oscillator structure that introduces an impedance peak 
around the third harmonic of the oscillating waveform such that the third 
harmonic of the active device current converts into voltage and, together with 
the fundamental component, creates a pseudo-square oscillation voltage. The 
additional peak of the tank impedance is realized with a transformer-based 
resonator. As a result, the oscillator impulse sensitivity function reduces, 
thus lowering the conversion sensitivity of phase noise to various noise 
sources, whose mechanisms are analyzed in depth. Chief of these mecha- 
nisms arises when the active gm-devices periodically enter the triode region 
during which the LC tank is heavily loaded while its equivalent quality factor 
is significantly reduced. The voltage gain, relative pole position, impedance 
magnitude, and equivalent quality factor of the transformer-based resonator 
are quantified at its two resonant frequencies. The gained insight reveals that 
the secondary to the primary voltage gain of the transformer can be even 
larger than its turns ratio. A comprehensive study of circuit-to-phase-noise 
conversion mechanisms of different oscillators’ structures shows that the 
introduced class-F3 exhibits the lowest phase noise at the same tank’s quality 
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factor and supply voltage. Based on this analysis, a class-F3 oscillator was 
prototyped in a 65-nm CMOS technology. The measurement results proved 
expected performance of this oscillator in silicon. 
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4 


An Ultra-Low Phase Noise Class-F, CMOS 
Oscillator 


In this chapter, we discuss and analyze a class of operation of an RF oscillator 
that further minimizes its phase noise. The main idea is to enforce a clipped 
voltage waveform around the LC tank by increasing the second harmonic 
of fundamental oscillation voltage through an additional impedance peak, 
thus giving rise to a class-Fy operation. As a result, the noise contribution 
of the tail current transistor on the total phase noise can be significantly 
decreased without sacrificing the oscillator’s voltage and current efficiencies. 
Furthermore, its special impulse sensitivity function (ISF) reduces the phase 
sensitivity to thermal circuit noise. The prototype of the class-F» oscillator is 
implemented in standard TSMC 65 nm CMOS occupying 0.2 mm?. It draws 
32-38 mA from 1.3-V supply. Its tuning range is 19% covering 7.2-8.8 GHz. 
It exhibits phase noise of —139 dBc/Hz at 3-MHz offset from 8.7-GHz 
carrier, translated to an average figure of merit of 191 dBc/Hz with less than 
2-dB variation across the tuning range. 


4.1 Introduction 


Spectral purity of RF LC-tank oscillators is typically addressed by improving 
a quality factor (Q) of its tank, lowering its noise factor (NF) and increas- 
ing its power consumption. Even though technology scaling increases the 
effective capacitance ratio, Cmax/min, Of switchable tuning capacitors and, 
consequently, the oscillator tuning range, it does not improve the oscillator’s 
spectral purity parameters, such as tank Q-factor and oscillator NF. In fact, 
the tank Q-factor is slightly degraded in more advanced technologies mainly 
due to closer separation between the top metal and lossy substrate as well as 
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thinner lower-level metals that are used in metal-oxide-metal (MoM) capac- 
itors. On the other hand, transistor noise factor keeps on degrading in more 
advanced technologies. Consequently, NF increases and thus penalizes the 
oscillator phase noise (PN). Consequently, the oscillators of excellent spectral 
purity and power efficiency are becoming more and more challenging as 
compared to other RF circuitry that is actually gaining from the technology 
scaling. This has motivated an intensive research leading to new oscillator 
topologies [1-11]. 

In this chapter, we specifically address the ultra-low phase noise design 
space while maintaining high power efficiency. We describe a soft-clipping 
class-F2 oscillator topology based on enforcing a clipped voltage waveform 
around the LC tank by increasing the second-harmonic of the fundamental 
oscillation voltage through an additional impedance peak [8—10]. This struc- 
ture shifts the oscillation voltage level so that it provides enough headroom 
for the tail current without compromising the oscillating amplitude. Conse- 
quently, the phase noise contribution of the tail current transistor is effectively 
reduced while maintaining the oscillator voltage efficiency. Furthermore, the 
class-F»2 operation clips the oscillation waveform for almost half of the period, 
thus benefiting from the lower circuit-to-phase-noise conversion during this 
time span. 

The chapter is organized as follows: the trade-offs between the RF oscil- 
lator PN and power consumption are investigated in Section 4.2. Section 4.3 
establishes the environment to introduce the class-F2 operation, its benefits, 
and constraints. The circuit-to-PN conversion mechanisms are studied in 
Section 4.4. Section 4.5 presents extensive experimental results. 


4.2 Challenges in Ultra-Low Phase Noise Oscillators 


The phase noise (PN) of the traditional oscillator (i.e., class-B) with an ideal 
current source at an offset frequency Aw from its fundamental frequency wo 
could be expressed as 


ae wo \2 
L(Aw) = 1010810 ( zg oo V(x) i (4.1) 
t 


where Q; is the tank quality factor; ay is the current efficiency, defined as the 
ratio of the fundamental current harmonic Iwọ over the oscillator DC current 
Ipc; and ay is the voltage efficiency, defined as the ratio of the oscillation 
amplitude Vos- (single-ended) over the supply voltage Vpp. The oscillator 
power consumption is 
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Ppo=-— 2 rh (4.2) 


where Rin is an equivalent input parallel resistance of the tank modeling 
its losses. Equation (4.1) clearly demonstrates a trade-off between power 
consumption and PN. To improve the oscillator PN, one must increase Ppc 
by scaling down Rin. This could be done by lowering the tank inductance 
while maintaining the optimal Q;. For example, by keeping on reducing the 
inductance by half, Rin could theoretically decrease by half at the constant Q;, 
which would improve phase noise by 3 dB with twice the power consumption 
at the same FoM.! However, at some point, the resistance of the tank’s 
interconnections will start dominating the resonator losses and, consequently, 
the equivalent tank’s Q will start decreasing. Hence, the PN-versus-power 
trade-off will no longer be beneficial since the FoM will drop dramatically 
due to the Q-factor degradation. 

Coupling N oscillators is an alternative way of trading off the power 
for PN since it avoids scaling the inductance down to impractically small 
values. It can theoretically improve PN by a factor of N compared to a single 
oscillator [12, 13]. Unfortunately, the oscillator size increases linearly, i.e., 
4x larger area for just 6 dB of PN improvement. 

In this chapter, we explain how to improve phase noise by utilizing 
two l:n transformers that are connected back-to-back [8], as shown in 
Figure 4.1(b, c). The equivalent Rin and, thus, the oscillator PN are scaled 
down by a factor of ~(1 + n?) without sacrificing tank’s Q-factor. Hence, 
PN improvement can potentially be much better than with the coupled oscil- 
lators (e.g., Figure 4.1(a)) at the same die area. In addition, the Cə and C3 
tuning capacitors, which are not directly connected to the primary of the first 
transformer, appear at the input of the transformer network via the scaling 
factor of n? and n* as can be realized from Figure 4.1(c). This impedance 
transformation results in a significant reduction in the required value of all the 
capacitors (i.e., X`; Ci), which reduces the routing parasitics (both inductive 
and capacitive), and improves the tuning range and PN of the oscillator. Even 
though by increasing the transformer’s turns ratio the tank input impedance 
will be reduced, the transformer Q-factor will not stay at the optimum level 
and will start dropping at some point [14]. It turns out that the turns ratio of 
n = 2 can satisfy the aforementioned constraints altogether. 


'FoM = |PN] + 20 logio(wo/Aw) — 10 logio(Ppc/ImW). 
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Figure 4.1 Phase noise reduction techniques without sacrificing tank’s Q-factor: (a) coupled 
oscillators, (b) connecting two step-up transformers back-to-back, and (c) its equivalent circuit 
model. 


To sustain the oscillation of this differential tank, two transistors shall 
be added. Figure 4.2 illustrates the preliminary schematic and waveforms. 
Unfortunately, as gathered from Figure 4.3, this structure suffers the same 
issues as the traditional class-B oscillator when the ideal current source is 
replaced with a tail bias transistor, Mr. The PN is ideally improved by 
20 dB/dec through increasing the oscillation amplitude, provided the gm- 
devices Mı 2 operate in saturation over the entire period. However, the slope 
of PN improvement deviates from the ideal case when M; 9 enter the triode 
region for a part of the oscillation period [15]. This problem is intensified 
especially when the oscillator operates at higher frequencies and larger Ipc 
(i.e., >10 mA) is needed to satisfy the stringent spectral purity of the GSM 
standard [16]. Actually, the combination of the parasitic drain capacitance 
of the large-size My with the entering the triode region by Mj 9, cyclically 
short-circuits the tank, thus degrading its equivalent Q-factor and oscillator 
PN [17]. 

Furthermore, the oscillation voltage should provide minimum VpsAT 
across Mr throughout the entire period to keep it in saturation. Consequently, 
ay becomes substantially less than 1, which translates to a significant PN 
penalty as clearly seen from (4.1). Larger Mr needs lower Vpsat, which 
would increase ay. However, the tail transistor’s effective thermal noise 
will increase significantly for the same Ipc [18]. As a consequence, the 
contribution of Mp to the PN could be larger than that of gm-devices, which 
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Figure 4.2 Preliminary oscillator schematic and its simulated voltage and estimated current 
waveforms at fo = 8 GHz, Vpp = 1.2 V, Inc = 33 mA, Leg = 80 pH, and Cog = 4.95 pF. 
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Figure 4.3 Simulated phase noise performance of the preliminary oscillator of Figure 4.2 
versus gate differential oscillation voltage for the ideal and real current sources. 


translates to a significant increase of the oscillator NF and thus its PN [16]. 
In addition, the Mr parasitic capacitance, Cr, will also increase with the 
side effect of a stronger tank loading. On the other hand, the combination 
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of the sinusoidal drain voltage, large Cr, and the entering of triode region 
by Mj; 2 will result in a dimple in the squarish shape of active device drain 
current (see Figure 4.2) with a 10%-20% reduction in a; and thus FoM of 
the oscillator [1, 16]. All the above reasons contribute to reducing the rate 
of PN improvement versus Vosc to about 10 dB/dec when Mj 9 enter the 
triode region for a part of the oscillation period. Hence, a huge 8-dB PN 
difference in Figure 4.3 is observed between the ideal and real operation 
of the oscillator. Consequently, the novel oscillator must not be sensitive to 
the excess gm-device noise in the triode intervals. It should also break the 
trade-off between ay and NF. 


4.3 Evolution Towards Class-F, Operation 


Before introducing a new phase noise (PN) reduction technique, let us take 
a closer look at the harmonic component of the drain current Ip of the Mı 
and Mə gm-devices in Figure 4.2. Ideally, Ip is a square wave containing 
fundamental and odd harmonics. The odd harmonics through Mı and Mə 
are 180° mutually out-of-phase and appear as differential-mode (DM) input 
signals for the tank. The Ip also contains even harmonics due to the large 
oscillation voltage, non linearity of Mı 9, and large parasitic capacitance of 
Mr. However, the even harmonics through Mı and Mə are mutually in- 
phase with +90° phase shift to their related odd harmonics, as shown in 
Figure 4.4. Consequently, these even harmonics appear as a common-mode 
(CM) input for the tank. The conventional tank input impedance has only one 


Ip1 Ip2 
>t 
iT | 
0.5Ipcq mT ! Ih2/7/2 | lug Z0 
l f 
i l Í ! f ! | I4? 
m| i l t. 
] TÀI | 
0.5lpc vi 1 aaa ! lh3/ T 
l 
i l l ' ! f ly44™/2 
Pe i i N 
l foi | 2fo | 3fo Afo 
ke aasa E a | 
Differential Common 
mode mode 


Figure 4.4 Drain current of Mı 2 devices of Figure 4.2 in time and frequency domains. 
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Figure 4.5 New oscillator’s waveforms in time and frequency domains. 


peak at the fundamental frequency wo. Therefore, the tank filters out the drain 
current harmonics and ultimately a sinusoidal voltage is seen across the tank. 
Now, suppose the tank offers an additional CM input impedance peak around 
the second harmonic (see Figure 4.5). Then, the second harmonic of Ip is 
multiplied by the tank’s CM input impedance to produce a sinusoidal voltage 
at 2wo that is in quadrature to the fundamental oscillation voltage produced by 
the tank’s DM impedance at wo. The combination of both waveforms creates 
the desired oscillation voltage around the tank, as shown in Figure 4.5, thus 
justifying the class-F, designation. 


VDA = Vpp — Vin sin (wot) = Vi2 sin (2uot + =) (4.3) 


Cy is defined as the ratio of the second-to-first harmonic components of the 


oscillation voltage. 
bee Via _ (Ze) (2) . (4.4) 
Vii Rin Inn 


where Rin and Rcm are, respectively, the tank DM and CM impedance magni- 
tude at wo and 2wo. Figure 4.6 illustrates the oscillation voltage and its related 
impulse sensitivity function (ISF) based on Equation (38) in [21] for different 
Cy values. Clearly, Gy should be 0.3 to have the widest flat span in the tank’s 
oscillation voltage. The Tns is 0.35 for Gy = 0.3 compared to 0.5 for the 
traditional oscillator, which leads to a 1.5-dB PN and FoM improvements. 


Furthermore, ISF is negligible when the gm-devices work in the triode region 
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Figure 4.6 Effect of adding second harmonic in the oscillation voltage waveform (top) and 
its expected ISF based on Equation (38) in [21] (bottom). 


and inject the most thermal noise into the tank. Consequently, the oscillator 
FoM improvement should be larger than that predicted by just the ISFims 
reduction. More benefits of the class-F2 operation will be revealed in the 
following sections. 

The argument related to Figure 4.5 suggests the creation of an additional 
CM input impedance peak at the second harmonic of main differential reso- 
nance. Incidentally, the introduced step-up 1:2 transformer acts differently to 
the CM and DM input signals. Figure 4.7 (a) illustrates the induced current at 
the transformer’s secondary when the primary winding is excited by a differ- 
ential signal. All induced currents circulate in the same direction at the trans- 
former’s secondary to satisfy Lenz’s Law. Consequently, the induced currents 
add constructively, which leads to a strong inter-winding coupling factor 
(km > 0.7). However, when the transformer’s primary is excited by a CM sig- 
nal (Figure 4.7(b)), the induced currents at the right-hand and left-hand halves 
of the transformer’s secondary winding circulate in opposite directions, thus 
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Figure 4.8 New transformer-based resonator: (a) schematic, (b) its simplified equivalent 
differential-mode circuit (km(pm) © 1), and (c) simplified tank schematic for common-mode 
input signals (km(cm) © 0). 


largely canceling each other. The residual current results in a very small 
kn < 0.2 for the CM excitation. Consequently, the concept of using two 
modes of a transformer for waveform shaping (proposed in [19] for a power 
amplifier) will be adopted here to realize the special tank input impedance 
of Figure 4.5. Note that an equivalent lumped-element model in [14, 20] 
cannot simultaneously cover both CM and DM types of behavior, and would 
produce wrong results. Hence, we suggest to utilize the transformer’s 
S-parameters and PSS analysis to simulate the novel class-F2 oscillator. 
Figure 4.8 shows the newly invented tank of a class-F2 oscillator. The 
Cyq and C3 are intentionally chosen as fixed capacitors while the DM and 
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CM resonant frequencies are tuned by Cj, (fine) and C2 (coarse). The DM 
main resonant frequency is 


1 
2m \/LeqCe 
Ty LeaCeq an (ee | (Cie + Cia + Con? + C3n4) 


The inductance reduction and capacitance multiplication factors of the 
dual-transformer tank are directly contained in (4.5). The CM input signal can 
neither see the second transformer nor C2 and C3 due to negligible km(cCm)- 
In addition, differential capacitors also act as open circuit for the CM signals. 
Consequently, the tank’s CM resonant frequency is 


fia = 


(4.5) 


1 1 
ER ae oma Qn/(Lp + 2Lpar) Cie 


There is no tank impedance scaling for the CM excitation. Hence, the 
CM input impedance peak should be higher than the DM peak, as clearly 
seen from Figure 4.9 (top). To operate properly, CM-to-DM resonance ratio 
must be adjusted to 2: 


Fic = (4.6) 


Cp = =2. (47) 


die. Ly Cre + Cia + Con? + C3n4 
fia Lp + 2Lpar Cie (1 + n?) 


As a consequence, the frequency tuning requires a bit different consid- 
eration than in the class-B oscillators. Both Cic and C2 must, at least at 
the coarse level, be changed simultaneously to satisfy (4.7) such that fic 
coincides with 2f;g. This adjustment is entirely a function of the ratio of 
the tuning capacitors, which is precise, thus making Çp largely independent 
from process, voltage, and temperature (PVT) variations. 

Let us now consider the required accuracy of this ratio ¢. The trans- 
former and switching capacitors are designed based on maximum Q-factor 
at the operating frequency fig. The tank Q-factor drops at least 3x at 
fic = 2f1a. Consequently, the tank CM impedance bandwidth is very wide, 
as seen in Figure 4.9. Therefore, the oscillator is less sensitive to the position 
of fic and thus the tuning capacitance ratio. A realistic 5% error in ¢f has no 
significant adverse effects on the oscillator waveform and thus its PN. 

The schematic and waveforms of the new oscillator are shown in 
Figures 4.10 and 4.11. Even though the second harmonic injection reduces 
the drain oscillation voltage by Vo during the negative clipping interval, 


4.3 Evolution Towards Class-F2 Operation 69 


Tank Input 
Impedance (Q) 


Tank Voltage Gain 
GA/DA (dB) 


: l : 
0 fig 10 fic fog 20 fq 30 


Frequency(GHz) 


Figure 4.9 Simulated characteristics of the transformer-based tank of Figure 4.8: (top) 
magnitude of input impedance Zin; (bottom) tank voltage gain between gate and drain of 
core devices. 
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Figure 4.10 Transformer-based class-F2 oscillator schematic. 
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Figure 4.11 Simulated oscillation waveforms of the class-F2 oscillator at Vpp = 1.2 V and 
Ipc = 29 mA: (top) oscillation voltage of different circuit nodes and (bottom) core transistors 
drain current. 


it increases its positive peak by Vo (see Figure 4.6(a)). It means the drain 
oscillation span is shifted from 0-to-2Vpp in the traditional oscillator to Vo- 
to-(2Vpp + Vo) in the class-F2 operation. Hence, the larger current source 
voltage headroom and lower noise factor are achieved without compromising 
the oscillation amplitude. Furthermore, the Vo headroom also reduces the 
dimple in the core-device drain current (compare Figures 4.2 and 4.11), which 
helps the class-F2 current efficiency to be closer to the ideal value of 2/7. 
Figure 4.9 illustrates the tank CM/DM input impedance and passive 
voltage gain between the gate and drain of Mj,2 versus frequency. Unfor- 
tunately, the tank exhibits two other undesired DM resonant frequencies 
(fog, f3q) due to imperfect km of the two transformers that create two 
leakage inductances [14]. Consequently, the circuit loop must guarantee the 
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Figure 4.12 Root-locus plot of the class-F2 oscillator. 


oscillation only at the desired DM resonance, f1q. Although CM demonstrates 
much larger input impedance peak, the two transformers effectively reject 
(attenuate by >40 dB) the CM signals. The root-locus plot in Figure 4.12 
illustrates the DM pole movements toward zeros for different oscillator loop 
transconductance gains Gym. The first and third frequency conjugate pole 
pairs (wid, W3q) move into the right-hand plane by increasing the absolute 
value of Gm, while the second conjugate pole w2q is pushed far away from 
the imaginary axis. This guarantees that the oscillation will not happen at 
Woq. Furthermore, it can be shown that w3g poles move to much higher 
frequencies with much lower input impedance peak and tank voltage gain 
if enough differential capacitance is located at Tı primary windings. It 
justifies the existence of the non-switchable differential capacitor Cq. Con- 
sequently, the loop gain will not be enough to satisfy the Barkhausen criterion 
for W3q. 
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According to the linear time-variant (LTV) model [21], the phase noise of 
an oscillator at an offset frequency Aw from its fundamental frequency wo is 
expressed as 


ee Nia ) 
£(Aw) = 101 Abi | 4.8 
(Aw) O10 (; 2... (Aw)? (4.8) 


where qmar = Cegq:Vosc is the maximum charge displacement across the 
tuning capacitors and Vos. = ay-Rin-Ipc is the single-ended oscillation 
amplitude at the drain of gm-devices. The Nz ; in (4.8) is the effective noise 
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power produced by ith device given by 
2m 
Na zS T2 (wot) 2 ,(wot)d (wot), (4.9) 


where 72 , i? , is the white noise current density of the ith noise source and T; 
is its corresponding ISF function. Obtaining the ISF of various oscillator 
nodes is the first step in calculating the oscillator’s PN. The ISF functions 
are simulated by injecting a 20 femto-coulomb charge (Aq) throughout the 
oscillation period and measuring the resulting time shifts, At;. 
Tr; = wo: At; - antes (4.10) 
Aq 

Figure 4.13(a) illustrates the ISF of various tank nodes. The soft clipping 
reduces by 30% the effect of losses on the oscillator PN due to single-ended 
switchable C,.” and Tı primary windings. However, ISF functions of the 
Tı secondary and Tə primary/secondary winding noise sources (including C3 
and C3) are not improved due to the sinusoidal (i.e., conventional) waveforms 
at IM; B and Gap nodes. Figure 4.13(a) indicates that Gap are the most 
sensitive nodes. Hence, C3 is constructed as a fixed MoM capacitor and 
the transformer was designed with a goal of maximizing Q-factor of the 
secondary winding. 

To calculate a closed-form PN equation, the oscillator model is simplified 
in Figure 4.14. The Gpsj,2(t) represent the channel conductance of Mı 2. 
The Gm1,2(t) and Gmr (t) model the transconductance gain of Mı 2 and Mr, 
respectively. The original tank is pruned to a parallel Leg, Ceq, Rin with noise- 
less voltage gain of Go (see Figure 4.8(b)). The simplified tank’s equivalent 
ISF can be roughly estimated by an average of the tank’s contributing ISF 
functions of Figure 4.13(a) and is shown in Figure 4.13(b) as green curve. 
The effective noise power of the tank is illustrated in Figure 4.13(c) as green 
curve and its average power is approximated by 


2T 
4KT KT 
NTank = z a R; —— T? ng (wot)d(wot) = 0.8 R (4.11) 
Consequently, the soft clipping reduces NTank by 20% compared to the 
traditional oscillator. 


>The single-ended switchable capacitor is used to adjust the CM resonant frequency. How- 
ever, its Q-factor is almost half of that of the differential structure for the same Cmax /Cmin. 
The soft clipping largely compensates the effect of additional losses due to its lower T'rms 
value. 
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Figure 4.13 Mechanisms of circuit-to-phase-noise conversion across the oscillation period 
in the class-F2 oscillator: (a) simulated ISF of different tank nodes, (b) equivalent ISF in the 
simplified oscillator schematic of Figure 4.14, (c) simulated effective power spectral density of 
the oscillator’s noise sources normalized to KT /Rin, (d) oscillation waveforms and operation 
region of Mj 2, (e) transconductance and channel conductance of Mı, (f) loaded Q-factor and 
effective parallel input resistance of the tank, (g) power spectral density of Mı noise sources 
normalized to 4KT/Rin, (h) simulated ISF function of M; channel noise, and (i) simulated 
effective power spectral density of different noise sources of Mı normalized to KT /Rin. 
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Figure 4.14 Simplified noise source model of the class-F2 oscillator. 
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The effects of noise on the oscillator PN due to channel conductance 
(Gps) and transconductance gain (Gm) of Mj,2 transistors are separately 
investigated. Figure 4.13(d) illustrates various operational regions of Mj 2 
across the oscillation period. When M; 2 are not turned off, they work mainly 
in the deep triode region where they exhibit a few ohms of channel resistance, 
as indicated in Figure 4.13(e). Consequently, the combination of the large 
parasitic capacitance of Mr with low channel resistance of Mı 2 in this deep 
triode region makes a low impedance path between the tank and ground. The 
literature interprets this as the tank loading event and defines implicit parame- 
ters such as effective tank Q-factor (Qep) and input parallel resistance (Riner) 
to justify the oscillator phase noise degradation due to this phenomenon. 
As shown in Figure 4.13(f), the tank Qer and Rinef drop 4-5 x when Mj 2 
operate in the deep triode. These “effective” parameters merely indicate that 
more noise is injected then into the tank. However, they do not ordain how 
much of that circuit noise converts to phase noise, especially when the drain 
oscillation wave is not conventionally sinusoidal. 

The proper approach should be based on the channel conductance noise 
power and its related ISF. If we had an ideal current source, M 2 noise would 
be injected to the tank only during the commutating time (hachure areas in 
Figure 4.13(e—g)). At the remaining part of oscillation period, one transistor 
is off and the other one is degenerated by the ideal current source and thus 
noiseless. However, the output impedance of a practical current source is 
low for such a high Ipc = 30 mA and fọ = 8 GHz. Consequently, Mj,2 can 
inject significant amount of noise to the tank when they operate in deep triode 
region outside the commutating time (i.e., gray area in Figure 4.13(g)). Note 
that gm-devices generate ~7 x higher amount of noise compared to the tank 
loss in the gray area, which can potentially increase the phase noise of the 
oscillator. However, the ISF of channel noise of Mı 2 is very small in that 
time span as shown in Figure 4.13(h). Hence, the excessive transistor channel 
noise (or excessive loaded tank noise of the conventional approach) cannot 
convert to phase noise. Consequently, the effective noise power of the gm- 
device channel conductance is negligible, as illustrated in Figure 4.13(i), and 
its average power is approximated by 


-(0.25) (4.12) 


n 


Lye A KT 
Naps = = 4KTGpsı(wot) T u (wot) d(wot) ~ R 
0 


Note that Naps is at least 4x larger for the traditional oscillator, 
especially when a large ay is needed [22]. 
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Figure 4.13(e) shows Mı transconductance gain Gm1 across the oscilla- 
tion period. To sustain the oscillation, the combination of the transformers’ 
passive voltage gain (Go) and effective negative transconductance of the 
gm-devices needs to overcome the tank and M; 2 channel resistance losses. 
Consequently, 


Rin 
where Gpsirfr describes the effective value of the instantaneous conductance 
Gpsi(t) of Mı 2 [22]. It can be shown that Gpsipr could be as large as 1 /Rin 
when the oscillator is biased near the voltage limited region [1]. Therefore, 
the effective noise due to Gm of core transistors can be calculated by 


1 1 
GM1EF = ce (a + Gosire ) , (4.13) 


1 2m 
Nom == f 4KTon, Gun wot) Tri wot) - d(wot) 
0 


AT f (2 
Rin Go 


n ET Ym 


Ra Go (1+ DS1EF) 


) (4.14) 


Equation (4.14) indicates that the second harmonic injection (i.e., class- 
Fə operation) demonstrates no benefit for Nam, but the transformers’ voltage 
gain still offers significant benefits. 

To estimate the PN contribution of Mr, its transconductance should be 
calculated first. 


2Ipc _ 2lpc 
V, 


X , 4.15 
gs(Mr) — Vth Vr r 


GMT = 


where Vr is the overdrive voltage of My equal to the drain-source voltage. 
The clipping voltage level is 


Vo = Vpop [1 — av (1 — ¢v)]. (4.16) 
By dedicating a half of Vo headroom to Mr, 
ee 4Ipc 4Ipc l 
Vo = Vpp (1- ay (1 — ¢v)) 
By substituting Ipc with Vosc/ (ayRin) in (4.17), 


G 4 (72) Es 1 4ay 
MT (1—ay (1—Cy)) Rmar (Vpop) Bin (1— ay 1 —Gy)) ar 


(4.18) 


(4.17) 
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As discussed earlier, aj and ay could be as large as 0.6 and 0.9 in 
this oscillator, and optimum Cy is about 0.3. Hence, (4.18) is simplified to 
Gmr © 15/Rin. As revealed by Figure 4.13(b, orange), TMT ,rms is only 0.08 
due to relatively large Vy of the class-F2 operation. Consequently, 


1 f” KT 

NMT = = | AKT y,7Gur(wot)-T?,, (wot)-d(wot) x — -(0.47,;7) ; 
2T 0 Rin 

(4.19) 


The contribution of Mr to the PN is less than that of the tank and is about 
20% of the total. This share could easily be higher than 50% for the traditional 
oscillator at the same ay and Ipc as discussed in [16, 17]. Finally, the total 
oscillator effective noise power (Nr) and noise factor (NF Total) are given by 


es 


27 
Nr x M1 
Rin 


Ñ N FTotal, N FTotal x (1.05 a ram + 0.47 : (4.20) 


0 


Equation (4.20) indicates that the effective noise factor of the class-F 
oscillator is very close to the ideal value of (1+y) despite the aforementioned 
practical issues. The phase noise can easily be calculated by replacing (4.20) 
in (4.8). The oscillator FoM normalizes the PN performance to wo and Ppc, 
yielding 
10°. KT 
2Qfaray 


Table 4.1 verifies the solidity of the presented phase noise analysis by 
comparing the results of SpectreRF™ PSS, Pnoise simulations with the 
derived theoretical equations. The expressions estimate the oscillator PN and 
share of different noise sources with an acceptable accuracy. 

It is also instructive to compare in Table 4.2 the benefits and drawbacks of 
the two flavors of class-F operation. Intuitively, the third-harmonic injection 
in class-F3 (Chapter 3) demonstrates a pseudo-square waveform with smaller 
ISF;ms value and shorter commutating time. Consequently, it offers lower 
NF rank and NFgy. On the other hand, class-F2 operation provides larger 
voltage overhead for the gm-devices and tail current transistor without sac- 
rificing the oscillator ay. Hence, it exhibits better NFmr, NFaps, and ay. 
As expected, the effective noise factor and FoM of both topologies turns out 
to be identical. However, this implementation of class-F2 automatically scales 
down the tank input parallel resistance and thus offers lower PN at price of 
larger area and slightly lower Q-factor due to the interconnection of the two 
transformers. 


FoM = —10logio ( N Frost (4.21) 
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Table 4.1 Comparison between the results of SpectreRF PSS, Pnoise simulation and theo- 
retical equations at 8-GHz carrier for Vpp = 1.2 V, Rin = 60 Q, Leg = 80 pH, Yur = 1.3, 


77 


and Yui. = 1 
Theoretical Equations SpectreRF Simulation 

Value Share Value Share 
Nrank 5.50- 107?3 V7/Hz | 31% | 4.71-10~73 V7/Hz | 28.4% 
Nmı,2 = 8.63 - 107°? V7/Hz | 48.8% | 8.78 -107° V7/Hz | 53% 
Neps + Nemt 
Nut 3.59 - 10-78 V?/Hz | 20.2% | 3.08-10~78 V?/Hz | 18.6% 
Nr = 17.72- 107°? V7/Hz | 100% | 16.57- 107°? V?/Hz | 100% 
N Tank +Nmi,2+Nmur 
Qmax (coulumbs) 5.34. 1071? 5.34.1071? 
Phase noise @10MHz —151 dBc/Hz —151.33 dBc/Hz 


Table 4.2 Comparison between two flavors of class-F oscillator for the same carrier 
frequency = 8 GHz, Vpp = 1.2 V, tank Q-factor = 14, Af = 10 MHz, and Rp = 240 Q 


Expression Class-F3 Class-F2 
ar Ivo /IDe 0.6 0.6 
av Vosc/ VDD 0.8 0.9 (V) 
NF Tank NTank/(KT/Rin) 0.7 (v) 0.8 
NFceps Neps/(KT/Rin) 0.3 0.25 (WV) 
NFcm Nem /(KT/Rin) Z 0.774, V) Ya 
NFemr Nemt/(KT/Rin) 0.5% yp 2 0.4% pp Y) 
NF total 3.7dB (V) 4.1dB 
FoM = —10logig (ser) 192.9dB (V) 192.9dB (V) 
Rin ~ Rp = 2402 | ~ Rp/ (1 +n?) = 600 (V) 
Ppo (Ge ox. ) 8mW 36mW 
Phare =% 10 logio (xf ay aT NF (<2 r) -144 dBc/Hz -150.5 dBc/Hz (vV) 
noise 


4.5 Experimental Results 


This oscillator targets GSM-900 MHz and DSC-1800 MHz base-station PN 
requirements. Electromagnetic (EM) simulations reveal that the tank Q-factor 
would be slightly (i.e., ~10%) better at 8 GHz as compared to 4 GHz for the 
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Figure 4.15 Die photograph of the class-F2 oscillator. 


same Rin and tuning range. However, the 1/f noise upconversion would be 
more severe at 8 GHz due to a larger share of the non linear C,, of gm-devices 
to the total tank’s capacitance. Furthermore, the output impedance of the 
current source is lower at higher frequencies, which would lead to higher PN 
penalty due to the tank loading. Consequently, there seems to be altogether no 
clear performance advantage of the 8 GHz over 4 GHz operation. Considering 
the fact that this oscillator has two transformers, the 8 GHz center frequency 
was chosen mainly to save die area. 

The class-F2 oscillator, whose schematic was shown in Figure 4.10, 
was realized in TSMC 1P7M 65 nm CMOS process technology. The die 
photograph is shown in Figure 4.15. The oscillator core die area is 0.2 mm?. 
The differential transistors are thick-oxide devices of 22(4 m/0.28 um) 
dimension. However, the tail current source Mr is implemented as a standard 
1 mm/0.24 um thin-oxide (tp, = 2.6 nm) device. Note that the thin-oxide 
device produces lower 1/f noise corner than the thick one at the same area 
[23]. The aluminum capping layer (1.45 um), which is intended to cover 
bond pads, is strapped to the ultra-thick top copper layer (3.4 um) to form the 
windings and improve the transformer’s primary and secondary Q-factor to 
14 and 20, respectively, at 8 GHz. The transformer’s primary and secondary 
differential self-inductance is 560 and 1650 pH, respectively, with the DM 
and CM magnetic coupling factors of 0.8 and 0.15, respectively. 

Four differential switched MOM capacitors Bcg—Bcs3 with the resolution 
of 40 fF placed across Tı secondary realize coarse tuning bits (C2), while 
the fine control bits Brg—Brz with LSB of 20 fF adjust we to near 2w1q to 
satisfy (4.7) and thus the class-Fz operation. The effective Cmax/Cmin of the 
switched capacitor structures is determined by the strong trade-off between 
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the oscillator tuning range (TR) and tank Q-factor degradation due to the 
switch series resistance. The switched-capacitor’s Q-factor is about 45 for 
25% TR at 8 GHz. Furthermore, the interconnections of the two transformers 
also increase the tank losses by 10%, resulting in an average Q-factor of 14 
for the entire tank. 

The supply voltage connects to the center tap of Tı primary along with 
a 100 pF on-chip decoupling capacitor. The center tap of Tə secondary is 
connected to the bias voltage Vp, which is fixed at Vpp to minimize the 
number of supply domains and to guarantee safe oscillator start-up. The 
oscillator is very sensitive to noise at the Mj gates (see Figure 4.13(a)). 
Fortunately, no DC current is drawn from Vp, so an RC filter of slow time 
constant is placed between Vpp and Vp to further reduce the bias voltage 
noise. Both Tı secondary and To primary winding center taps are connected 
to ground to avoid any floating nodes and make a return path for the negligible 
second-harmonic current to improve the waveform symmetry. 

The measured and simulated PN at 4.35 GHz (after the on-chip +2 
divider) at 1.3 V and 32 mA current consumption are shown in Figure 4.16. 
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Figure 4.16 Measured (blue) and simulated (red) phase noise plots at 4.35 GHz, Vop = 
1.3 V and Ppc = 41 mW. Specifications (MS: mobile station, BTS: basestation) are normal- 
ized to the carrier frequency. 
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The PN of -145 dBc/Hz at 3 MHz offset lies on the 20 dB/dec region, which 
extrapolates to —174.7 dBc/Hz at 20 MHz offset (normalized to 915 MHz) 
and meets the GSM TX mobile station (MS) requirements with a very 
wide 13 dB margin. The GSM/DCS “micro” base-station (BTS) and DCS 
“normal” BTS specs are met with a few dB of margin. These PN numbers 
are the best ever published at low Vpp (i.e., <1.5 V). However, the toughest 
GSM base-station “normal” specifications at 800-to-900 kHz offset are within 
1 dB of reach. The measured PN is just 1 dB higher than simulation in the 
20-dB/dec region due to the power supply noise and additional tank loss 
caused by the routing of the tuning capacitors and dummy fill metals around 
the transformer. 

The measured 1/f* PN corner shows less than 100 kHz increase over the 
simulation and is ~350 and ~250 kHz at the highest and lowest side of 
the tuning range, respectively. This excellent 1/f? performance is achieved, 
thanks to the following reasons: first, the 1/f noise of the tail current source 
can appear as a CM signal at Tı primary and modulate the oscillation voltage. 
However, the T, transformer will effectively filter out this CM AM signal, 
thus preventing any AM-to-PM conversion at the Cz switched capacitors and 
nonlinear Cg, of gm-devices. Second, the class-F2 tank has two impedance 
peaks at the fundamental oscillation frequency and its second harmonic. 
Hence, the second harmonic of the drain current flows into a resistance of the 
tank instead of its capacitive part. It effectively reduces the 1/f noise upcon- 
version to the 1/f? phase noise due to Groszkowski phenomenon [24]; we will 
discuss this phenomenon intensively in Chapter 5. Third, the soft clipping 
effectively reduces the voltage variation of Vr, as shown in Figure 4.11. 
Intuitively, it could reduce the DC and even-order coefficients of ISF at this 
node and thus alleviate the 1/f noise conversion of the tail current transistor. 

The PN noise beyond the 10-MHz offset is dominated by thermal noise 
floor from the divider and buffer set at -162 dBc/Hz. The oscillator has a 
19% tuning range from 7.2 to 8.7 GHz. Figure 4.17 shows the phase noise 
and FoM of the oscillator at 3-MHz offset across the tuning range (after the 
+2 divider). The average FoM is as high as 191 dBc/Hz and varies less than 
2 dB. The oscillator also reveals a very low frequency pushing of 42 and 
22 MHz/V at the highest and lowest frequencies, respectively. 

Figure 4.18 shows the PN performance versus its current consumption. 
The circuit cannot satisfy Barkhausen oscillation criterion at Ipc < 7 mA. 
The oscillator phase noise is improved only by 10 dB/dec between 7 and 
12 mA due to the drop in the oscillator current efficiency a; and loading 
of the tank’s Q-factor by the gm-devices entering the linear region. Note 
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Figure 4.17 Measured phase noise and figure of merit (FoM) at 3 MHz offset versus carrier 
frequency. 
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Figure 4.18 Measured phase noise at 3 MHz offset frequency from 4.3 GHz carrier versus 
the oscillator current consumption. 


that even though the tank has an additional impedance at 2wọ, the second 
harmonic of the drain current is negligible and, consequently, the drain 
oscillation resembles a sinusoid. However, by further increasing the drain 
current, the soft clipping phenomenon appears where the tank loading and tail 
transistor noise effects are reduced significantly due to the class-F2 operation. 
Consequently, PN improves by almost 20 dB/dec, which demonstrates a few 
dB of improvement compared to the traditional class-B operation (compare 
Figures 4.3 and 4.18). Figure 4.18 also indicates that the circuit can sustain 
the oscillation even with 4x lower Ipc and thus Gmer, which translates into 
sufficient margin for the oscillator start-up over PVT variations. 
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Table 4.3 Comparison with relevant ultra-low phase noise oscillators 


This work [13] [27] [1] [17] [25] [26] 

Technology CMOS CMOS CMOS CMOS MOS CMOS | BiCMOS 
65 nm 65 nm 65 nm 65 nm 350 um 55 nm 130 nm 

Supply 1.3 2.15 1.5 1.25 25 1.5 3.3 
voltage (V) 
Frequency 4.351 4.07 3.921 3.71 1.2 3.351 1.56 
(GHz) 
Tuning 19 19 10.2 25 18 31.4 9.6 
range (%) 
PN at 3 MHz —144.8 —146.7 —147.7 | —142.2 152 142 150.4 
(dBe/Hz) 
Norm. PN? —158.3 —159.6 157.2 154.3 154.8 153.3 —155 
(dBe/Hz) 
Power 41.6 126.8 48 15 9.25 27 290 
consumption 
(mW) 
FoM (dB) 191.83 188.3 190.1 192.2 195 189 180 
FoM7ź (dB) 197.4 193.4 190.3 200.2 200.7 199 179.7 
Transformers/ 2 2 2 1 2 1 1 
inductors 
count 
Oscillator Class-F2 | Dual core Hard Class-F3 Noise | Class-B/ | Colpitts 
structure Class-C | clipping filtering | Class-C 


1 After on-chip +2 divider. 

? At 3-MHz offset frequency normalized to 915-MHz carrier. 

3FoM drops to 191.5 dB by considering the divider power consumption of 2.6 mW. 
41FOMr = |PN| + 20 logio((fo/A f) (TR/10)) - 10 logio(Ppc/ImW). 


Table 4.3 summarizes the performance of the class-F2 oscillator and 
compares it with the best spectral purity relevant oscillators. Note that this 
oscillator demonstrates the best PN with the highest power efficiency at a 
relatively low supply voltage. Only the dual-core class-C oscillator [13] offers 
better PN performance but at the price of 1.65 x larger Vpp, 3x higher power 
consumption, and 3 dB lower FoM or power efficiency. 


4.6 Conclusion 


In this chapter, we have presented and analyzed a class-F»2 oscillator where 
an auxiliary impedance peak is introduced around the second harmonic of 


References 83 


the oscillating waveform. The second harmonic of the active device current 
converts into voltage and, together with the fundamental component, creates 
a soft clipped oscillation waveform. The class-F2 operation offers enough 
headroom for the low noise operation of the tail current transistor without 
compromising the oscillator current and voltage efficiencies. Furthermore, 
the special ISF of the soft clipping waveform reduces significantly the circuit- 
to-phase-noise conversion. The additional resonant frequency is realized by 
exploiting a different transformer behavior in common-mode and differential- 
mode excitations. In addition, the tank input impedance is also scaled down 
without sacrificing its Q-factor. Consequently, this structure is able to push 
the phase noise much lower than practically possible with the traditional LC 
oscillators while satisfying long-term reliability requirements. 
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5 


A 1/f Noise Upconversion Reduction 
Technique 


In this chapter, we introduce a method to reduce a flicker (1/f) noise upcon- 
version in voltage-biased RF oscillators. Excited by a harmonically rich tank 
current, a typical oscillation voltage waveform is observed to have asymmet- 
ric rise and fall times due to even-order current harmonics flowing into the 
capacitive part, as it presents the lowest impedance path. The asymmetric 
oscillation waveform results in an effective impulse sensitivity function (ISF) 
of a non-zero dc value, which facilitates the 1/f noise upconversion into the 
oscillator’s 1/f? phase noise. We demonstrate that if the wo tank exhibits an 
auxiliary resonance at 2w9, thereby forcing this current harmonic to flow into 
the equivalent resistance of the 2wg resonance, then the oscillation waveform 
would be symmetric and the flicker noise upconversion would be largely 
suppressed. The auxiliary resonance is realized at no extra silicon area in 
both inductor- and transformer-based tanks by exploiting different behavior 
of inductors and transformers in differential- and common-mode excitations. 
These tanks are ultimately employed in designing modified class-D and 
class-F oscillators in 40-nm CMOS technology. They exhibit an average 
flicker noise corner of less than 100 kHz. 


5.1 Introduction 


Close-in spectra of RF oscillators are degraded by a flicker (1/f) noise 
upconversion. The resulting low-frequency phase noise (PN) fluctuations can 
be mitigated as long as they fall within a loop bandwidth of an enclosing 
phase-locked loop (PLL). However, the PLL loop bandwidths in cellular 
transceivers are less than a few tenths to a few hundreds of kHz [1,2], which is 
below the typical 1/f? PN corner of CMOS oscillators [3-5]. Consequently, a 


87 


88 A I/f Noise Upconversion Reduction Technique 


Vees] ‘Alcos(wmt) 


(a) 


3 ‘|= tail transistor| 
| fee tail resistor 


PN (dBc/Hz) 
PN (dBc/Hz) 


-1404 - 
-160 $ i . 
w 0 0 Ww w 1# Č 1 10 40° 
frequency offset (Hz) frequency offset (Hz) 
(c) (d) 


Figure 5.1 Class-B oscillator: (a) with tail transistor Mr; (b) with tail resistor Rr; and their 
PN when (c) Mr is always in saturation; (d) Mr enters partially into triode. 


considerable amount of the oscillator’s low frequency noise cannot be filtered 
by the loop and will adversely affect the transceiver operation. 

In a current-biased oscillator, flicker noise of a tail transistor, Mr, mod- 
ulates the oscillation voltage amplitude and then upconverts to PN via an 
AM-PM conversion mechanism through nonlinear parasitic capacitances of 
active devices, varactors, and switchable capacitors [6,7] (see Figure 5. 1(a)).! 
An intuitive solution is to configure the oscillator into a voltage-biased 
regime, which involves removing the Mr [8] or replacing it with a tail 
resistor, Rr, in Figure 5.1(b). Such expected reduction is highly dependent 
on the tail transistor’s operating region. If My in Figure 5.1(a) is always 
in saturation, the amount of 1/f noise is considerable and the tail resistor 
Rr in Figure 5.1(b) could improve the low-frequency PN performance, as 
shown in Figure 5.1(c). However, in advanced CMOS process nodes with 
a reduced supply voltage, My partially enters the triode region, thereby 
degrading the oscillator’s effective noise factor but improving the 1/f noise 


'It is shown in [6] that for certain values of varactor bias voltages, this upconversion is 
almost eliminated. 
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Figure 5.2 (a) Current harmonic paths; (b) drain current in time and frequency domains; 
(c) frequency drift due to Groszkowski effect. 


upconversion; see Figure 5.1(d). In [3], class-C oscillators were designed 
with a tail transistor and a tail resistor. Measured 1/f? corners are almost 
the same, thus supporting our discussion.? However, regardless of the Mr 
operating region, removing this source would still not completely eliminate 
the 1/f noise upconversion. 

Another mechanism of the 1/f upconversion is due to Groszkowski effect 
[10]. In a harmonically rich tank current, the fundamental component, I1, 
flows into the equivalent parallel resistance of the tank, R,. Other compo- 
nents, however, mainly take the capacitive path due to their lower impedance; 
see Figure 5.2(a). In any balanced RF oscillating circuit, odd harmonics 
circulate in a differential path, while even harmonics flow in a common- 
mode path through the resonator capacitance and the switching transistors to 
ground [32]. Compared to the case with only the fundamental component, 
the capacitive reactive energy increases by the higher harmonics flowing 
into them. This phenomenon makes the tank’s reactive energy un-balanced. 


>The actual flicker noise reduction mechanism of class-C oscillators was revealed in [9]. 
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The oscillation frequency will shift down from the tank’s natural resonance 
frequency, wo, in order to increase the inductive reactive energy and restore 
the energy equilibrium of the tank. This frequency shift is given by [11] 


Co 


(5.1) 


Wo Q? snl 


where I77,, is the nth harmonic component of the tank’s current. The literature 
suggests that this shift is static but any fluctuation in [7,,/I771 due to the 1/f 
noise modulates Aw and exhibits itself as 1/f? PN [12]; see Figure 5.2(c). 
Although this mechanism has been known for quite some time, it is still 
not well understood how the flicker noise modifies the I7,,/Iq, ratio. Fur- 
thermore, (5.1) suggests that all harmonics indiscriminately modulate the 
Groszkowski’s frequency shift by roughly the same amount, without regard 
to their odd/even-mode nature, which could be easily misinterpreted during 
the study of the flicker noise upconversion in cross-coupled oscillators. 

While recognizing the Groszkowski’s frequency shift as the dominant 
physical mechanism in voltage-biased oscillators, we turn our attention to the 
impulse sensitivity function (ISF) theory in researching the above questions. 
Hajimiri and Lee [13] have shown that upconversion of any flicker noise 
source depends on the dc value of the related effective ISF, which can 
be significantly reduced if the waveform has certain symmetry properties 
[13, 14]. Another explanation was offered in [15, 16] suggesting that if the 
1/f noise current of a switching MOS transistor is to be modeled by a product 
of stationary noise and a periodic function w(t), then this noise can upconvert 
to PN if w(t) is asymmetric. 

In this chapter, we elaborate on a method proposed in [22, 23, 34] to 
effectively trap the second current harmonic into a resistive path of a tank 
in a voltage-biased oscillator topology. Doing so will reduce the core transis- 
tors’ low frequency noise upconversion by making the oscillation waveform 
symmetric and reducing the effective ISF dc value. We further investigate 
the effects of harmonics on the core transistors’ flicker noise upconversion 
by studying their impact on the oscillation waveform and on the effective 
impulse sensitivity function, Peg dc. 

It should be mentioned that several solutions are proposed in literature 
to reduce the 1/f noise upconversion due to Groszkowski’s frequency shift. 
The concept of a harmonically rich tank current degrading the close-in oscil- 
lator spectrum has been noticed for quite some time; however, the proposed 
solutions mostly include linearization of the system to reduce the level of 
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current harmonics by limiting the oscillation amplitude by an AGC [17, 18], 
or linearization of gm-devices [19,20], at the expense of the oscillator’s start- 
up margin and increased 1/f? PN. In a completely different strategy, a resistor 
is added in [21] in series with gm-device drains. An optimum value of the 
resistor minimizes the flicker noise upconversion; however, the 1/f noise 
improvement is at the expense of the 20-dB/dec degradation in oscillators 
with low Vpp and high current consumption. 

The rest of this chapter is organized as follows. Section 5.2 shows how 
harmonic components of the drain current contribute to the flicker noise 
upconversion and shows how an auxiliary CM resonance at 2wọ mitigates 
this upconversion. Section 5.3 demonstrates how the auxiliary resonance is 
realized and proves the effectiveness of the proposed method by implement- 
ing two classes of voltage-biased oscillators. Section 5.4 reveals the details of 
circuit implementations and measurement results. 


5.2 Method to Reduce 1/f Noise Upconversion 
5.2.1 Auxiliary Resonant Frequencies 


Let us start by focusing on reducing the Groszkowski frequency shift. As 
shown in Figure 5.2(a), the oscillation frequency wose fluctuates around the 
tank’s natural resonant frequency wa due to the flow of higher harmonics of 
the current [71 2 into the capacitive part of the tank. A voltage-biased class-B 
tank current in time and frequency domains is shown in Figure 5.2(b). Odd 
harmonics of the tank current are differential-mode (DM) signals; hence, they 
can flow into both differential- and single-ended capacitors. Even harmonics 
of the tank current, on the other hand, are common-mode (CM) signals and 
can only flow into single-ended (SE) capacitors. If the tank possesses further 
resonances coinciding with these higher harmonics (see Figure 5.3(a)), these 
components can find their respective resistive path to flow into, as shown 
in Figure 5.3(b). Consequently, the capacitive reactive energy would not 
be disturbed and the oscillation frequency shift Aw would be minimized 
(see Figure 5.3(c)). The input impedance Zin of such a tank is shown in 
Figure 5.3(d). The tank has the fundamental natural resonant frequency at 
wo and auxiliary CM and DM resonant frequencies at even- and odd-order 
harmonics, respectively. Minimizing the frequency shift Aw will weaken the 
underlying mechanism of the 1/f noise upconversion; however, realizing aux- 
iliary resonances at higher harmonics has typically been area inefficient and 
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Figure 5.3 (a) Auxiliary resonances at higher harmonics; (b) current harmonic paths; 
(c) frequency drift; (d) input impedance of the tank. 


can also degrade the PN performance. Consequently, the auxiliary resonance 
frequencies have to be chosen wisely. 

Groszkowski frequency shift formula (5.1) indicates that all the contribut- 
ing current harmonics Iyn are weighted by almost the same coefficients. This 
means that, in practice, stronger current harmonics Iyn contribute more to 
the frequency shift. Consequently, we can narrow down the required auxil- 
iary resonances to these harmonics. On the other hand, ultimately, the low 
frequency noise upconversion depends on the oscillation waveform and the 
dc value of effective ISF. The various current harmonics contribute unevenly 
to the flicker noise upconversion since they result in different oscillation 
waveforms and effective ISF values. Investigating these differences reveals 
how many and at which frequencies the auxiliary resonances should be 
realized. 


5.2.2 Harmonic Effects on the Effective ISF 


A (hypothetical) sinusoidal resonance tank current [71 (t) = |I1| sin (wot) 
would result in a sinusoidal resonance oscillation voltage: Vyi(t) = Rp - 
|Ir1| sin (wot) = Aj sin (wot). Its ISF is also a zero-mean sinusoid but 
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Figure 5.4 Oscillator example: (a) schematic; (b) Vos, Vas, and gm of Mj, transistor when 
oscillation voltage contains only fundamental component; (c) its ISF, NMF, and effective ISF. 


in quadrature with Vz 1(t) [24]. The flicker noise of core transistors (e.g., 
Mj ,2 in Figure 5.4(a)) in a cross-coupled oscillator is modeled by a current 
source between the source and drain terminals and exhibits a power spectral 
density as 


K 1 4 


i? (t) = WLC. fF ` Im(wot), (5.2) 


where K is a process-dependent constant, W and L are core transistors’ 
width and length, respectively, and Cox is an oxide capacitance per area. 
Due to the dependency of current noise on gm, the flicker noise source is 
a cyclostationary process and can be expressed as 


in(t) = ino (wot) ‘ a(wot), (5.3) 


in which in o(wot) shows the stochastic stationarity. a(wot) is the noise 
modulating function (NMF), which is normalized, deterministic, and periodic 
with maximum of 1. It describes the noise amplitude modulation; conse- 
quently, it should be derived from the cyclostationary noise characteristics 
[13]. In this case, an effective impulse sensitivity function is defined as 
Teff(wot) = a(wot) : T(wot). M12 flicker noise cannot upconvert to PN 
if effective ISF has a zero dc value. 

Let us investigate the M 2 flicker noise upconversion when the oscillation 
voltage ideally contains only the fundamental component. In Figure 5.4(a), 
Vp1 = Vpp — Ai sin(wot), Ver = Vp2 = Vpp + A1sin(wot). Assuming 
Vpp = 1.2V and A; = 1V, the gm of the Mı transistor under such Vps 
and Vag is found by simulations and is shown as dotted line in Figure 5.4(b). 
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Under this condition, a(wot) = gnlon . ISF, NMF, and the effective ISF of 
the M, flicker noise source are shown in Figure 5.4(c). The de value of such 
an effective ISF is zero, resulting in no flicker noise upconversion. This is a 
well known conclusion and is referred to as a state where M12 transistors’ 
flicker noise cannot be upconverted to PN [16]. 

In reality, the tank current of voltage-biased oscillators is rich in harmon- 
ics. Due to physical circuit constraints, the even-order current harmonics lead 
by 7/2, while the odd-order current harmonics are in-phase with the funda- 
mental current J41. The 7/2 phase difference in even- and odd-order current 
harmonics considerably changes the oscillation waveform characteristics. For 
simplicity, we focus only on dominant harmonics, [72 = |I72| sin(2wot + 
m/2) and Ig3 = |I773| sin(3wot), as representatives of even- and odd-order 
current harmonics, respectively; however, the following discussion can be 
easily generalized for all harmonics. We also assume for now that the tank 
only contains SE capacitors. 

The differential current I;;2 flows into the SE capacitors and creates a 
second-order voltage harmonic: 

Vio(t) = - Zuo] sin (2wot + 7/2 — 1/2) = a2 Aj sin (2wot) , 
(5.4) 
where the —7/2 phase shift is due to the capacitive load. The oscillation 
voltage will then be 


1 
C - 2wo 


Vro(t) = Vai(t) + Vp2(t) = Aj [sin (wot) + az sin (2wot)]. (5.5) 
Vii(t), V(t), and Vr2(t) are plotted in Figure 5.5(a) for a2 = 0.1 and 
A, = 1V. Vii(t) has two zero-crossings within its period: at tı and to, 
their rise and fall times are symmetric with derivatives: Vj (t1) = — Viy (t2). 


Vu2’s zero-crossings are also at tı and t2; however, Vjj5(t1) = Vizo(te). 
Consequently, the opposite slope polarities of Vg and Vpo at tı slow down 
the fall time of Vr2, while the same slope polarities at t2 sharpen its rise 
time. Consequently, as can be gathered from Figure 5.5(a), Vro features 
asymmetric rise and fall slopes. 

The resulting ISF of the gm transistor is calculated based on (36) in 
Ref. [13] and is shown in Figure 5.5(b), with its mean dependent on az. 
Larger a2 leads to more asymmetry between Vr2(t) rise and fall slopes; 
hence, Ig ac will increase. Furthermore, repeating the same simulations 
to obtain gmı with drain and gate voltages that contain second harmonic 
components results in asymmetric gm1 and, consequently, NMF. The slower 
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Figure 5.5 Conventional tank waveforms: (a) fundamental, Viz1, second harmonic, Vie, 
voltage components, and oscillation waveform, Vr2; (b) its ISF, NMF, and effective ISF; (c) 
Peff de eff,rms for different a2 values. 


rise/fall times increase the duration when M; is turned on, thus widening gm1- 
A sharper rise/fall time decreases the amount of time when is turned on, 
resulting in a narrower gm1. The NMF and effective ISF of such waveforms 
are shown in Figure 5.5(b). The effective ISF has a dc value which results 
in Mj ,9’s flicker to PN upconversion. Dependency of the dc value of the 
effective ISF on as is shown in Figure 5.5(c). 

This argument is valid for all even-order current harmonics, and we can 
conclude that the fluctuations in the even harmonics of the tank’s current 
convert to the 1/f PN noise through the modulation of the oscillating 
waveform. 

Let us now investigate a case of the tank current containing only odd- 
harmonic components, with [773 = |I73| sin(3wot) as a representative. [773 
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(b) 


Figure 5.6 Conventional tank waveforms: (a) fundamental, Vm1, third harmonic, Vg83, 
voltage component, and oscillation waveform, Vrs; (b) its ISF, NMF, and effective ISF. 


flows mainly into the tank capacitors and creates a third harmonic voltage as 


Vg (t) = -|Igs]| sin (3wot — 1/2) = az A; sin (3wot — 7/2) (5.6) 


1 
C. 3wo0 
where, again, the —7/2 phase shift is due to the capacitive load. The 
oscillation voltage will then be 


Vr3(t) = Vai(t) + Vga (t) = Aj [sin(wot) + ag sin(3wot — 1 /2)]. (5.7) 


Vii(t), Vi3(t), and Vr3(t) are plotted in Figure 5.6(d) for a3 = 0.1 and 
A, = 1 V. It is obvious that the oscillation waveform falling and rising slopes 
are symmetric, and Ty, = 0, as easily gathered from Figure 5.6(e). The 
simulations show that gm1 is slightly asymmetric due to amplitude distortion 
of the oscillation voltage. However, this asymmetry is canceled out when 
multiplied by ISF (see Figure 5.6(e)), resulting in an effective ISF with almost 
zero dc value and thus preventing low-frequency noise upconversion. These 
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Figure 5.7 Ideal and real current waveforms. 


arguments can be generalized for all odd-order harmonics. Consequently, the 
low-frequency noise of gm transistors does not upconvert to PN if the tank 
current only contains odd harmonics. 

So far, we have assumed 7/2 phase for Ipo and r phase for [73; however, 
the exact phase shift between the fundamental and harmonic components 
depends on the transconductor nonlinearity. The ideal drain current in a class- 
B oscillator is a square wave. However, the core transistors enter triode 
region, resulting in the real current shape to exhibit a dimple. For this 
current waveform to appear, a current harmonic with twice the fundamental 
frequency and 7/2 phase shift has to be added to the original waveform 
(which only contains odd harmonics), as shown in Figure 5.7. Hence, the 
phase delay of the second harmonic is not arbitrary but is constrained by the 
physical circuit. It is worth mentioning that in a class-C oscillator, where the 
transistors do not enter the triode region, the phase difference between the first 
and second harmonic is not 7/2. The class-C oscillator shows less 1/f? corner 
compared to the other topologies which is in agreement with our claim about 
the importance of the fundamental and second current phase shift on the low 
frequency noise upconversion. Let us investigate what happens to the voltage 
waveform and ISF if the fundamental and third-harmonic components are 
not in-phase, and have a phase shift of ¢,. Following the same approach as in 
the manuscript and assuming Ay = 1, Vg3 = agsin(3wot — 7/2 + ¢}). 
If for 0) = woti, Vr = Vui + Vy3 = 0O, then for 02 = m+ 64, 
Vr = sin(02) + a3 sin(302 + ¢1) = —sin(0,) — a3sin(30, + ¢1) = 0. 
Then the Vr slopes at 0; and 02 would be 


Vi (01) = cos(91) + 3a3 cos(301 + $1) 
Vp (82) = cos(a + 61) + 3a3 cos(3m + 301 + $1) = — V4 (01). (5.8) 
Consequently, regardless of the exact phase difference between the cur- 


rent’s fundamental and third-harmonic components, the oscillation voltage in 
the presence of third (and, in general, odd) harmonics would have symmetric 
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Figure 5.8 Tank’s current fundamental and second-harmonic phases in (a) class-D; (b) class- 
F3; and (c) class-C topologies. 


rise and fall times, and consequently they will not be responsible for 1/f to 
phase noise upconversion. 

For the second-harmonic component, the story is entirely different. The 
most asymmetric rise and fall times of the oscillation voltage waveform 
happen when the fundamental and second-harmonic current components have 
exactly the 7/2 phase difference. However, if the phase difference is not 
exactly 1/2 (and it is, for example, 7/2 — $1), rise and fall times are still 
asymmetric and the ISF still contains a non-zero dc value. The proposed 
method would be still effective not at exactly wcm = 2wo, but at a CM 
resonance that has the ¢; — 7/2 phase at 2wo and cancels out the extra phase 
difference, $1, therefore, resulting in a completely symmetric rise and fall 
times. It is worth mentioning that if ¢, were originally close to 7/2, the 
oscillation waveform should have theoretically very symmetric rise and fall 
times. However, due to the real-world circuit constraints, that situation could 
not be reproduced in simulations. 

Independent from the above explanations, we did some circuit-level sim- 
ulations to show exact phase shift of the second harmonic compared to the 
fundamental components in class-D, class-F3, and also class-C topologies. 
The results are shown in Figure 5.8. For class-D and class-F3 topologies, 
the 7/2 phase difference appears to be a very good estimation. However, 
as predicted for the class-C topology, 7/2 phase difference is not a precise 
estimation. 

To further support that 1/f noise upconverts more to PN if œ is increased, 
we tried to run some simulations on the voltage-biased class-B oscillator of 
Figure 5.9(a). Controlling the second-harmonic current is not very straight- 
forward. It can be modified by changing the core transistors’ width, W, or 
by changing tank’s quality factor, Q. In both of these methods, the oscillation 
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Figure 5.9 (a) Voltage-biased class-B oscillator schematics; (b) 1/ f corner versus 
In2/Iun. 


waveform amplitude would get affected. If we fix the oscillation amplitude 
when W or Q are swept, the second harmonic power modification range 
becomes very limited. On the other hand, by changing the transistors’? width, 
the flicker noise of the device also changes and adds another parameter. 
Consequently, in the following simulations, we swept the tank quality factor, 
and all the other parameters, such as transistor sizes, supply voltage, etc., 
are kept the same. With higher Q, the oscillation voltage increases, the 
device spends more time in triode region and becomes more non-linear, 
consequently generating more current harmonics. Mı and Mp in the class- 
B oscillator are thick-oxide 56u/270n devices, Vpp = 1.2V, Rr = 9 Ohm. 
The capacitors are ideal and not tunable. The simulation results are shown in 
Figure 5.9(b). As we have discussed the flicker noise upconversion depends 
on the œz value, which is proportional to the [72/I7,, ratio. Therefore, we 
reported the 1/f 3 corner versus Ipo /Trn, and it is obvious from Figure 5.9(b) 
that the corner increases for larger TH2/Iyn ratios in this class-B oscillator. 


5.2.3 Resonant Frequency at 2wo 


Thus far, we have shown that the even components of the tank’s current 
are chiefly accountable for the asymmetric oscillation waveform and the 1/f 
noise upconversion to PN. Let us investigate what happens to the oscillation 
waveform and effective ISF if the tank has an auxiliary CM resonance at 2w. 
Such resonance provides a resistive (i.e., via Rp2) path for [772 to flow into it, 
and hence the voltage second-harmonic component is 


Vi2,aux(t) = Rp2 Tmol sin (2wot + 1/2) = A102 auz sin (Qwot + 17/2) . 
(5.9) 
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Figure 5.10 Proposed tank waveforms: (a) fundamental voltage component, V1; (b) 
voltage second harmonic in the presence of auxiliary resonance, VH2,auz; (C) oscillation 
waveform, Vr2,auz; (d) its ISF, NMF, and effective ISF. 


The composite oscillation voltage will become 


Vr2,aux(t) = Vini(t) aa Vi2,aux(t) 
= Aj [sin (wot) + Q2auz sin (2wot + 7/2)]. (5.10) 


Vii(t), Vi2,aur(t), and Vr2auc(t) are plotted in Figure 5.10(a,b,c) for 
Q2,aua = 0.1 and A; = 1. The rise and fall times of the oscillation voltage 
are now symmetric (see Figure 5.10(c)) and so the ISF is zero mean, as shown 
in Figure 5.10(d). gmi, and thus NMF, are also completely symmetrical; 
consequently, the effective ISF has a zero dc value, preventing low-frequency 
noise from being upconverted. The oscillation waveform is still dependent on 
Q2,aux, but the rise and fall times are always symmetric, thus keeping Teff de 
Zero. 

The second and third current harmonics are the most dominant in all 
classes of oscillators, so a2 and az are significantly larger than other a,, for 
n = 4,5,.... Meanwhile, ['g, is a growing function of a,, for n = 2k, where 
k = 1,2,.... We can, therefore, conclude that [772 is the main contributor 
to the 1/f noise upconversion. Consequently, attention to only one auxiliary 
resonant frequency at 2w9 appears sufficient [22, 26, 27]. 


5.2.4 wey Deviation from 2wo 


The balance in the rise and fall zero-crossing slopes in Figure 5.10(c) is rooted 
in the 7/2 phase shift between Vz71(t) and Vzo(t). This is a combination of 
the 7/2 phase difference between J71(t) and I72(t) and zero phase of the 
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resistive tank impedance at 2w9. When wo yy deviates from 2wo 
VT2 auz (t) = Vint (t) F VH2 auz (t) 


= Rpi|Li| sin (wot) + |Zom] : Hr2lsin (2wot + 7/2 + dom) 
Aj [sin (wot) + a2 aussin (2wot + T/2 + dcm)| (5.11) 


where |Zcm| and cm are the CM input impedance magnitude and phase, 
respectively, derived as, 


L= 
cm = arctan | —— (5.12) 
QCM 
¢ 
Zom| = Rp2- Rai (5.13) 


ya-0?+ (a) 


where ¢ = . The wc m versus 2wọ misalignment has two effects. The first 
directly translates cm into the waveform asymmetry. Figure 5.11(a) shows 
Vr2,aux(t) for different CM; &2,aux Was chosen as 0.3 to better illustrate the 
asymmetry. When grossly mistuned from 2wo, cm could approach +7 /2, 
thus making the auxiliary resonance completely ineffective. A larger Q-factor 
of the common-mode resonance, Qc, results in dc yy closer to +7 /2 for the 
same 2wọo/wcm ratios, as illustrated in Figure 5.11(b). 

The second effect is due to Q2,au2, which determines the amount of 
second harmonic in the voltage waveform. When cm is not zero, Deff dc 
becomes dependent on 2 auz: the larger &2 auz, the more asymmetric wave- 
form and more 1/f noise upconversion. The &œ2 aux Value can be found from 
the following equation: 


Za 


Taz 
Imi 


[Zem] 


5.14 
Ra (5.14) 


Q2 auz = 


Igo/I p; is dependent on the oscillator’s topology. Furthermore, the larger 
Qcm, the larger Rp2 and hence the larger a2 aux. Figure 5.11(c) shows the 
expected Deg ac ef,rms versus cm for different &2auz. Both of these 
effects point out that Qcm should be low to reduce the sensitivity of this 
method to the wcm deviation from 2wọ. Parsitic inductances and capaci- 
tances between supply and groud rails can contribute to this deviation. This 
parasitics become especially important at mmW frequencies [25]. 
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Figure 5.11 (a) Vr2,auz for different øc m; (b) cm for different Qc m when wom deviates 
from 2wo; (c) eg ,ac epf rms for different a2,au2 and dom. 


5.3 Circuit Implementation 


We have shown that if the tank demonstrates an auxiliary CM resonance at the 
second harmonic of its fundamental wo resonance, the oscillation waveform 
would be symmetric and, hence, the flicker noise upconversion would be 
suppressed. Since the differential capacitors are not seen by the CM signals 
(i.e., I772), a straightforward solution for realizing a CM peak is to design 
a tank as demonstrated in Figure 5.12(a)) with a set of differential Cq and 
single-ended (SE) C'e capacitors [26,27]. rp is the equivalent series resistance 
of the inductor and it is assumed that all capacitors are nearly ideal. This tank 
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Figure 5.12 (a) A tank with DM and CM resonances; (b) 1/f? corner of the oscillator 


employing this tank; (c) dca; and (d) &2,aux of the tank versus wom /wpM. 


1 


shows a fundamental DM resonant frequency, wpm = JOC and a 
CM resonant frequency wcm = TaT From (5.12)-(5.14): 
1 — 4C 
dom = arctan | — (5.15) 
Qpm Cct+Ca 
2. ( Ce ) 
A2 aus = B, ee lm 5.16) 


Rp yG- 4C j+ (qe Ce. J Im’ 

Ce+Ca Qpm Cc+Ca 
where Qpm, Rp2, and Rp, are, respectively, the quality factor at DM res- 
onance, and impedance peaks at CM and DM resonances. In an extreme 
condition of Cq = 0, the tank contains only the SE capacitors and reduces to 
a conventional tank discussed in Section 5.2.2. Targeting wcm = 2wpjy 
results in Cg = 3Ce and we can prove that Qcm = 2Qpm. As dis- 
cussed supra, the fairly large Qcm exacerbates the effects of CM resonance 
misalignment. 

To investigate the effectiveness of the proposed method on the tank 
mistuning sensitivity, we performed an analysis of a 5-GHz voltage-biased 
class-B oscillator of Figure 5.1(b) with Qpm = 10. The oscillator is 
designed in a 40-nm CMOS technology, and M12 are thick-oxide (56/0.27)- 
um devices. The power consumption is 10.8mW at Vpp = 1.2V. As 
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expected, the 1/f? corner of this oscillator is at its minimum of ~10kHz at 
Ca/C. = 3 (see Figure 5.12(b)). When wc m deviates from 2wp yy, i.e., Cg/Ce 
ratio deviates from the ideal value of 3, while keeping Ce + Ca constant, 
the 1/f? corner starts to increase from the 10kHz minimum and reaches its 
peak at wcm = 1.7wpm when the CM resonance phase, cm, gets close 
to 7/2 (about 80° as shown in Figure 5.12(c)). After this point, the cm 
barely changes, but a2 auy decreases (Figure 5.12(d)) and, consequently, the 
1/f? corner reduces again. The maximum 1/f° corner of 1.1 MHz is actually 
much worse than the 400kHz corner of extreme case when Cg = 0 (see 
Figure 5.12(b)). This means that if the tank is not designed properly, the 
performance would be even worse than that without applying this technique. 
Consequently, to ensure no performance degradation in face of the misalign- 
ment, 2 aux at cm * 80° should be less than that of the tank without the 
applied technique. œ when Ca = 0 can be found from (5.16): 
2 Ipo 


Q & .— 5.17 
27 3Qpm Im pa 


cm = 80°, (5.15) and (5.16) result in 


Rp tan (i3) ele 


Q2 aur = ) (5.18) 
Rp 1 + tan? (5) Im 
Hence, 
Rp2 3.84 
— < —— 5.19 
Rpi  QpM oe 


to satisfy this condition, which results in non-practical Q pm values. 

In the following two subsections, we show how to substantially reduce 
the sensitivity to such misalignment by employing, at no extra area penalty, 
an inductor exhibiting distinct and beneficial characteristics in DM and CM 
excitations. The different behavior of a 1:2 turn transformer in DM and CM 
excitations is also exploited to design a transformer-based F> tank. With 
these new tanks, we construct class-D and a class-F oscillators to demon- 
strate the effectiveness of the proposed method of reducing the flicker noise 
upconversion. Before we do that, let us compare the 1/f? corner and current 
harmonics of a current-biased class-B (see Figure 5.13(a)), a current-biased 
class-B with noise filtering technique [32] applied to it (see Figure 5.13(b)), 
and a voltage-biased class-B with the proposed technique applied to it (see 
Figure 5.13(c)). In the current-biased configuration proposed in [32], a capac- 
itor in parallel with the current source shorts noise frequencies around 2wọ 
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Figure 5.13 (d) PN and (e) current harmonic components of a class-B oscillator (a), 
and similar counterparts with noise filtering technique [32] (b) and the proposed method 
applied (c). 


to ground. An inductor is interposed between the common source of the 
cross-coupled transistors and the current source. That inductor resonates at 
2wo with the equivalent capacitor at the common source of the oscillator 
transistors (see Figure 5.13(b)). The purpose of that resonator is creating a 
high impedance path at 2wọ to stop the tank loading when one of the core 
transistors enters the triode region. That method is also partially effective in 
reducing low-frequency noise upconversion of core transistors by linearizing 
the core transistors and reducing current harmonics, especially the second- 
harmonic component content. That resonator has to be tunable over the 
tuning range and it increases the die area. Figures 5.13(d—e) show the PN 
performance and current harmonic components of the three oscillators shown 
in Figure 5.13(a—c). In the simulations, all the capacitors are ideal capacitors 


106 A I/f Noise Upconversion Reduction Technique 


and non-tunable. It is obvious how much the second-harmonic current is 
reduced in the noise filtering method, and consequently the 1/f? corner is 
lower than that in a conventional class-B oscillator. 


5.3.1 Inductor-Based F> Tank 


Figures 5.14(a,b) show a 2-turn “F2” inductor when it is excited by DM and 
CM signals. In the DM excitation, currents in both turns have the same direc- 
tion, resulting in an additive magnetic flux. However, in the CM excitation, 
currents have opposite direction and cancel each other’s flux [28]. With the 
proper spacing between the F> inductor windings, effective inductance in CM 
can be made 4x smaller than that in DM. The Lpm/Lcm inductance ratio 
is controlled through lithography that precisely sets the physical inductor 
dimensions and, consequently, makes it insensitive to process variations. 
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Figure 5.14 A 2-turn “F2” inductor in (a) DM excitation; (b) CM excitation; (c) F2 DM and 
CM inductances and their ratio; (d) Qpm and Qcm. 
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Figure 5.14(c) shows the DM and CM inductances and their ratio over 
frequency. Lp. /Lcw is close to 4 within a 30%—40% tuning range. 

Differential capacitors cannot be seen by the CM signals; hence, to be able 
to set the CM resonance, the Fh tank capacitors should be SE, as shown in 
Figure 5.15(a). The F> tank demonstrates two resonant frequencies: wpm and 
wom. Both of these are tuned simultaneously by adjusting Ce. The precise 
inductor geometry maintains Lpm/Lom ~ 4 and hence wcm/wpm © 2 
over the full tuning range. 

The input impedance of the tank is shown in Figure 5.15(b). Presuming 
the capacitance losses are negligible, the DM and CM resonance quality 
factors are 


LpwDM 


Qpm = ——— = Qo (5.20) 
Tp 
Lw 
Qcm = a oe o, (5.21) 
Tp 2 


The Q-factor of the CM resonance is half that of DM, which relaxes the 
Fə tank sensitivity to mismatch between wc m and 2wp m. For this inductor- 
based Fə tank, Rp2/Rpı = 0.25 and the condition in (5.19) is satisfied 
for Qo < 15. Furthermore, in the CM excitation, the currents in adjacent 
windings have opposite direction, which results in an increased AC resistance 
[29] and so the Q-factor of the CM inductance is even smaller than in (5.21). 
The Q-factor of Lom inductance of Figure 5.14(b) is about 3—4. 

Apart from the easy tuning with only one capacitor bank, the mostly SE 
parasitic capacitors do not play any role in defining the wcm/2wpm ratio. 
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Figure 5.15 (a) Inductor-based F> tank and (b) its input impedance. 
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Furthermore, the low Qcm and, consequently, the lower sensitivity to the 
wom /2wpm ratio that the inductor-based Fh tank offers make it all more 
attractive than the tank shown in Figure 5.12(a). 


5.3.2 Class-D/F2 Oscillator 


Among the various classes of inductor-based oscillators (e.g., class-B, com- 
plementary class-B, class-D [4]), we have decided to validate the proposed 
method on a class-D oscillator depicted in Figure 5.16(a). This recently 
introduced oscillator shows promising PN performance in the 1/ f? region 
due to its special ISF. The tail current transistor is removed there and wide 
and almost ideal switches Mj clip the oscillation voltage to GND for 
half a period (see Figure 5.16(b)) resulting in an almost zero ISF there 
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Figure 5.16 Class-D oscillator: (a) schematic; its (b) waveforms; and (c) gm-transistor ISF, 
NMF, and effective ISF. Class-D/F2 oscillator: (d) schematic; its (e) waveforms; and (f) 
gm-transistor ISF, NMF, and effective ISF; (g) their PN performance; and (h) 1/f? corner 
sensitivity to wom /WDM. 
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(Figure 5.16(c)). However, the hard clipping of the drain nodes to GND 
generates a huge amount of higher-order harmonic currents. Due to the large 
Iy2, in agreement with our analysis, the oscillating waveform has asymmetric 
fall and rise times (clearly visible in Figure 5.16(b)) and it exhibits a strong 1/f 
noise upconversion and frequency pushing. A version of class-D with a tail 
filter technique [32] was also designed in [4] in an attempt to reduce the low 
frequency noise upconversion. This method is partially effective, lowering 
the 1/f? PN corner from 2 to 0.6-1 MHz. Due to the above reasons, this 
voltage-biased oscillator seems a perfect fit for the proposed method. 

Figure 5.16(d) shows the proposed class-D/F2 oscillator, which adopts 
the F tank. The gm-devices, Mı and Mg, still inject a large [772 current into 
the tank, but this current is now flowing into the equivalent resistance of the 
tank at 2wo. Clearly, the rise/fall times are more symmetric in the class-D/F»2 
oscillator, as demonstrated in Figure 5.16(e). The gm-transistors’ ISF, NMF, 
and effective ISF are shown in Figure 5.16(f). As predicted, effective a. is 
now reduced and the simulated PN performance shows that the 1/f? corner 
is lowered from 1 MHz to ~30 kHz (Figure 5.16(g)). 

The parasitic inductance Ly has to be considered in designing the Fə 
inductor. Ce controls both CM and DM resonant frequencies simultane- 
ously; hence, any deviation of wcm from 2wo is due to Loy /Lpy not 
being exactly 4 over the TR. To examine the robustness of the tank via 
simulations, a Cg differential capacitor is deliberately added to the tank. 
Ce + Ca is kept constant in order to maintain the oscillation frequency. 
This capacitor shifts down wpm while keeping wcm intact. Figure 5.16(h) 
shows how the 1/f? corner worsens when C4/Ce ratio increases. The class- 
D/F» oscillator is quite robust to process variations. First of all, due to the 
low CM resonance quality factor of an Fə inductor, this topology is less 
sensitive to deviations of wc m from 2wọ. Furthermore, in this topology, only 
single-ended capacitor banks are employed; hence, wc m /wpm ratio is solely 
defined by Lom/Lpm. The cross-coupled transistor’s parasitic capacitors 
are mostly single-ended, except for Cyq which is less than 5% of the tank’s 
total capacitance. Consequently, the modification of core transistors’ parasitic 
capacitance over process variations will only change oscillation frequency 
and barely modify the wcm/wpm ratio. Figure 5.17(a) shows simulation 
results for the 1/f* corner of the class-D/F2 oscillator in different process 
corners. The PN at 10-kHz offset frequency for both class-D/F2 oscillators 
for 200 points Monte Carlo simulations on inter/intra die process variations 
is shown in Figure 5.17(a). 
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Figure 5.17 Class-D/F2 oscillator: 1/f? corner over process variation and (b) histogram of 
PN at 10-kHz offset frequency. 


5.3.3 Transformer-Based F, Tank 


Figures 5.18(a,b) show a 1:2 turns transformer excited by DM and CM 
input signals at its primary. With a DM excitation, the induced currents at 
the secondary circulate in the same direction leading to a strong coupling 
factor, km. On the other hand, in CM excitation, the induced currents cancel 
each other, resulting in a weak km [30]. The latter means that the secondary 
winding cannot be seen by the CM signals. “F3” transformer-based tank is 
shown in Figure 5.19(a). 

At the DM excitation, no current flows into the metal track induc- 
tance, Lr, that connects the center tap to the supply’s AC-ground 


boa WN 


Figure 5.18 1:2 transformer when the primary is excited with (a) DM and (b) CM currents. 
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Figure 5.19 (a) Transformer-based Fə tank; (b) its input impedance; (c) DM and CM 
primary and secondary inductance; (d) primary and secondary inductance quality factor and 
coupling factor; (e) DM and CM resonant frequencies over TR. 


(see Figure 5.19(a)). However, at the CM excitation, the current flowing 
into Lry is twice the current circulating in the inductors. Consequently, the 
tank inductance Lp in Fig. 5.19(a) is re-labeled as Lpa = Lp in DM and 
Lyne = Lpa + 2L7 in CM excitations. This tank employs SE primary and 
differential secondary capacitors and demonstrates two DM and one CM 
resonant frequencies. woy = 1/,/ LpcCp and if km pm >9.5, wo,pMm = 
1/4/LpaCp + LsCs [5]. Fz tank requires wcm = 2wo,pm; hence, 


LC, = Cp(4Lp c — Lpa). (5.22) 


Unlike in the inductor-based tank, here, the wc m /wo,pm ratio is depen- 
dent on the secondary-to-primary capacitor ratio. Furthermore, the input 
impedance Zin, shown in Figure 5.19(b), reveals that Qcm is not low, thus 
making it sensitive to wcm/wo,pm. It means the Cs/Cp ratio has to be 
carefully designed to maintain wcm/wo,pm œ% 2 over the tuning range. In 
practice, the Q-factor of capacitor banks is finite and decreases at higher 
frequencies, so Qcm will reduce, thus making the tank a bit less sensitive. 


5.3.4 Class-F2 3 Oscillator 


As proven in [5], a DM auxiliary resonance at the third harmonic of the fun- 
damental frequency is beneficial in improving the 20-dB/dec PN performance 
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Figure 5.20 Class-F3 oscillator: (a) schematic; (b) its waveforms; and (c) gm-transistor 
ISF, NMF, and effective ISF. Class-F2,3 oscillator: (d) schematic; (e) its waveforms; and (f) 
gm-transistor ISF, NMF, and effective ISF; (g) their PN performance; and (h) 1/f? corner 
sensitivity to wom /wpM. 


by creating a pseudo-square-wave oscillation waveform (see Figure 5.20(b)). 
We can merge our transformer-based Fh tank with the class-F3 operation 
in [5] to design a class-F2 3 oscillator, as shown in Figure 5.20(d—e). To ensure 
wom = 2Wo,pm and wi,pMm = 340,pm, we force LsCs = 3.8LpaCp and 
km = 0.67. The relatively low km increases the impedance at w1, DM = 
3wo,pmM [31]. However, the class-F3 oscillator meets the oscillation criteria 
only at wo, pu. Figure 5.20(e) demonstrates that the pseudo-square waveform 
of class-F3 oscillation is preserved in the class-F» 3 oscillator. The waveform 
does not appear to differ much; however, the oscillation voltage spectrum 
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indeed confirms the class-F2 3 operation. [772 is not very large in this class of 
oscillators, consequently, the fall/rise-time asymmetry is not as distinct as in 
the class-D oscillator. However, the 1/f? corner improvement from 400 kHz in 
class-F3 to <30 kHz in class-F2 3, as demonstrated in Figure 5.20(g), proves 
the effectiveness of the method. The ISF, NMF, and effective ISFs for these 
oscillators are shown in Figure 5.20(c,f). 

Class-F2 3 oscillator performance is sensitive to the deviation of wow 
from 2w9 = 2wpm. Cp changes both CM and DM resonant frequencies 
while C, only changes the DM one. To examine the robustness of the Fə 
operation, differential capacitors are added in the tank’s primary. Here again 
Cp,c + Cpa is constant to maintain the oscillation frequency. Figure 5.20(h) 
shows the 1/f* corner versus. wcm/wpm ratio and underscores the need to 
control the capacitance ratio, as per (5.22). Otherwise, a small deviation 
increases the 1/f* corner rapidly, and with larger deviations, the method 
becomes ineffective. The class-F23 topology is somewhat less robust to 
process variations. This topology is generally more sensitive to deviations 
of wom from 2wọ due to higher CM resonance quality factor. Moreover, in 
this topology, wom/wpm = \/((LsCs + LpCp)/(LpCp)) and is dependent 
on secondary and primary windings’ inductance and capacitance ratio. The 
modification of core transistors parasitic capacitance modifies both primary 
and secondary capacitances and, hence, both DM and CM resonant frequen- 
cies are affected in the same direction (they are both going to increase with 
less parasitic capacitance and vice versa). Therefore, the wcm/wpm ratio 
is not affected drastically with the parasitic capacitance variations; however, 
due to larger Qc, the small effects are also important. Figure 5.21(a) shows 
the simulation results for 1/f? corner of the class-F 3 oscillator in different 
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Figure 5.21 Class-Fs,3 oscillator: 1/f? corner over process variation and (b) histogram of 
PN at 10-kHz offset frequency. 
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process corners. The 1/f? corner is more affected compared to the class- 
D/F» oscillator; however, it is still very competitive. The PN at 10-kHz offset 
frequency for class-F» 3 oscillator for 200 points Monte Carlo simulations on 
inter/intra die process variations is shown in Figure 5.21(b). 

It should be worthwhile to mention that recently a mm-wave class-F23 
oscillator considering the second-harmonic current return path was discussed 
in [35]. 


5.4 Experimental Results 


The class-D/F»2 and class-F23 oscillators, whose schematics were shown in 
Figure 5.16(d) and Figure 5.20(d), respectively, are designed in 40-nm CMOS 
to demonstrate the suppression of the 1/f noise upconversion. For fair com- 
parison, we attempted to design the oscillators with the same specifications, 
such as center frequency, tuning range, and supply voltage, as their original 
reference designs in [4] and [5]. 


5.4.1 Class-D/F2 Oscillator 


The class-D/F2 oscillator is realized in a 40-nm 1P8M CMOS process without 
ultra-thick metal layers. The two-turn inductor is constructed by stacking the 
1.45 um Alucap layer on top of the 0.85 um top (M8 layer) copper metal. 
The DM inductance is 1.5 nH with simulated Q of 12 at 3 GHz. Combination 
of MOS/MOM capacitors between the supply and ground is placed on-chip 
to minimize the effective Lr inductance, and the remaining uncompensated 
inductance is modeled very carefully. The capacitor bank is realized with 
6-bit switchable MOM capacitors with LSB of 30 fF. The oscillator is tunable 
between 3.3 and 4.5 GHz (31% TR) via this capacitor bank. Mı 2 transistors 
are (200/0.04)-um low-V; devices to ensure start-up and class-D operation 
over PVT. The chip micrograph is shown in Figure 5.22(a) with core area of 
0.1 mm?. 

Figure 5.23(a) shows the measured PN at fmaz and fmin with Vpp = 
0.5 V. Current consumption is 6 and 4 mA, respectively. The 1/f* corner is 
100kHz at fmax and reduces to 60kHz for fmin. The 1/f? corner over TR is 
shown in Figure 5.23(c). The supply frequency pushing is 60 and 40 MHz/V 
at fmax and fmin, respectively (see Figure 5.23(b)). Table 5.1 compares 
its performance with the original class-D oscillators (as well as two other 
relevant oscillators [21,26] aimed at reducing the 1/f noise upconversion). 
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Figure 5.22 Chip micrographs: (a) class-D/F» oscillator; (b) class-F2,3 oscillator. 


Compared to the original design, the FoM at 10-MHz offset is degraded in 
the class-D/F, oscillator by 3 dB, mainly due to the lack of ultra-thick metal 
layers, which lowers the inductor’s Q. However, even with this degradation, 
FoM at 100-kHz offset is improved at least 3 dB. 1/f? corner is improved at 
least 10 times versus both class-D and noise-filtering class-D oscillators. 


5.4.2 Class-F23 Oscillator 


The class-F 3 oscillator is realized in 40-nm 1P7 CMOS process with ultra- 
thick metal layer. The 1:2 transformer is constructed with the 3.4 um top 
ultra-thick (M7 layer) copper metal. The primary and secondary winding 
inductances are 0.58 and 1.5 nH, respectively, and km = 0.67. The simulated 
Q-factors of the primary and secondary windings are 15 and 20 at 6 GHz. 
Like the class-D/Fo2, the Lr inductance has to be compensated with enough 
decoupling capacitance. The unfiltered part has to be modeled precisely 
due to the relatively large Rp2. The single-ended primary and differential 
secondary capacitor banks are realized with two 6-bit switchable MOM 
capacitors with LSB of 30fF and 50fF, respectively. Due to the sensi- 
tivity of this oscillator to the frequency mismatch, an 8-bit unit-weighted 
capacitor bank with LSB of 4fF is also placed at the primary to tune the 
DM and CM resonance frequencies. The oscillator is tunable between 5.4 
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Figure 5.23 Class-D/F2 oscillator: measured (a) PN at fmax and fmin; (b) frequency pushing 
due to supply voltage variation; and (c) 1/f? corner over tuning range. 


Table 5.1 Performance summary and comparison with relevant oscillators 
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and 7 GHz and the primary and secondary capacitors are changed simul- 
taneously to preserve the class-Fo3 operation. The Mj, transistors are 
(64/0.27) um thick-oxide devices to tolerate large voltage swings. The tail 
resistor Rr bank is realized with a fixed 40-Q resistor in parallel with 7-bit 
binary-weighted switchable resistors with LSB size of 5Q. This bank can 
tune the oscillation current from 5—20 mA. The chip micrograph is shown in 
Figure 5.22(b); the core die area is 0.12 mm?. 

Figure 5.24(a) shows the measured PN of the class-F23 oscillator at 
fmax and fmin with Vpp = 1V. Current consumption is 10 and 12 mA, 
respectively. The 1/f? corner is 130kHz at fmar and reduces to ~60 kHz 
at fmin: The 1/f corner over TR is plotted in Figure 5.24(c). The supply 
frequency pushing is 23 and 12 MHz2/V at fmax and fmin, respectively (see 
Figure 5.24(b)). Table 5.1 compares its performance with the original class-F3 
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Figure 5.24 Class-F2,3 oscillator: measured (a) PN at fmax and fmin; (b) frequency pushing 
due to supply voltage variation; and (c) 1/f? corner over tuning range. 


118 A I/fNoise Upconversion Reduction Technique 


oscillator. Compared to the original design, FoM is degraded about 1-2 dB at 
the 10-MHz offset, which is due to the tail resistor loading the tank more 
than the tail transistor originally, thus degrading PN slightly. Despite this 
degradation, FoM at 100 kHz is enhanced by at least 4 dB, and the 1/f? corner 
is improved 5 times. 

It might be interesting to point out that class-F2 3 oscillator was adapted 
for an operation at cryogenic temperatures of 4K [36] where it exhibited a 
record-low 1/f corner. 


5.5 Conclusion 


In this chapter, we discussed and analyzed a technique to reduce a 1/f noise 
upconversion in a harmonically rich tank current. We showed that when 
even-order harmonics of the tank current flow into the capacitive part of 
the tank, they distort the oscillation waveform by making its rise and fall 
times asymmetric and hence causing the 1/f noise upconversion. Odd-order 
harmonics also distort the oscillation waveform; however, the waveform in 
that case is still symmetric and will not result in the 1/f noise upconversion. 
We showed how to design a wo-tank that shows an auxiliary common-mode 
(CM) resonant peak at 2wọo, which is the main contributor to the 1/f noise 
upconversion, and showed how oscillation waveform becomes symmetric by 
the auxiliary resonance. We described how to realize the F5-tank without 
the die area penalty, by taking advantage of different properties of inductors 
and transformers in differential-mode (DM) and CM excitations. Class-D/F2 
and class-F» 3 oscillators employing, respectively, inductor- and transformer- 
based F tanks are designed in 40-nm CMOS to show the effectiveness of 
our proposed method. The 1/f? corner improves 10x in class-D/F2 and 5x in 
class-F 3 versus their original counterparts. 
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A Switching Current-Source Oscillator 


Ultra-low-power (ULP) transceivers underpin short-range communications 
for wireless Internet-of-Things (IoT) applications. However, their system 
lifetime is extremely limited by the transceiver power consumption and avail- 
able battery technology. On the other hand, energy harvesting technologies 
typically deliver supply voltages that are much lower than the standard supply 
of CMOS circuits; e.g., on-chip solar cells can supply only 200-800 mV. 
Although boost converters can bring the level up to the required ~1 V, 
their poor efficiency (<80%) wastes the harvested energy. Consequently, RF 
oscillators, as one of the transceiver’s most power hungry circuitry, must be 
very power efficient and preferably operate directly at the energy harvester 
output. In this chapter, we analyze in depth design of an oscillator topology to 
address the aforementioned constraints without sacrificing manufacturability 
and phase purity. 


6.1 Introduction 


Ultra-low-power (ULP) radios underpin short-range communications for 
wireless Internet-of-Things (IoT). Since RF transmitters (TX) have consumed 
a significant portion, if not the majority, of the radio’s power, the IoT system 
lifetime tends to be severely limited by the TX power consumption and 
available battery technology. 

Figure 6.1 shows the system lifetime for various battery choices as 
a function of current consumption. State-of-the-art Bluetooth Low Energy 
(BLE) radios [1,2] consume ~7 mW and thus can continuously operate no 
more than 40 hours on an SR44 battery, which has a comparable dimension 
to the radio module. This directly causes inconvenient battery replacements 
at least every few months, which limits their attractiveness from the market 


123 


124 A Switching Current-Source Oscillator 


4  1SSCC2015 BLE papers 
10 em a : 
wu is 
: = 8 s z 
10°E- 7.5 . AS bag tesa TES By 
P l Alkaline AA 3Ah| ie 
Ss s 
210 
v 
Em 
3 10 F 
= 0 11.6mm 
10 F ADAM, 5 
| Alkaline $R63 10mAh ‘3 
10" 
0 5 10 15 
Radio Current Consumption (mA) Typical BLE 
module 


Figure 6.1 BLE system lifetime versus radio current consumption for various battery types. 
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Figure 6.2 Delivered voltage and power density for various harvester types. 


perspective. The lifetime can be easily increased by employing larger bat- 
teries, but that comes at a price of increased weight and dimensions and it 
is clearly against the miniaturization vision of IoT. This has motivated an 
intensive research leading to miniaturized transceivers with a high power 
efficiency [1-12]. 

Energy harvesting from a surrounding environment can enable and fur- 
ther spur the IoT applications by significantly extending their lifetime. The 
delivered voltage versus power density of different harvesting methodologies 
is depicted in Figure 6.2 [10, 13]. Solar cells offer the highest harvested 
power per area in both indoor and outdoor conditions. However, they pro- 
vide lower voltages (0.25-0.75 V) than the expected deep-nanoscale CMOS 
supply of ~1 V. Hence, boost converters are typically used to bring the 
supply level up to the required ~1 V. As can be gathered from Table 6.1, the 
relatively poor efficiency (<80%) of boost converters wastes the harvested 
energy, thus worsening the system-level efficiency, in addition to increasing 


6.2 Oscillator Power Consumption Trade-offs 125 


Table 6.1 Performance summary of state-of-the-art boost converters 


[14] [15] [16] 

ISSCC’12 | ISSCC’ 14 ISSCC’ 15 
Technology N/A 65 nm CMOS | 0.18 ym CMOS 
Input voltage range 0.1-2.9V | 0.15-0.5 V 0.45-3 V 
Output voltage range 3V 0.5-0.6 V 3.3 V 
Efficiency @ Vin = 0.5 V | < 80% < 72.5% < 78.5% 


the hardware complexity coupled with issues of switching ripples. Conse- 
quently, it would be highly desirable for the ULP transceivers to operate 
directly from the harvested voltage. 

The rest of this chapter is dedicated to introduce and analyze a switching 
current-source oscillator [17, 18] which is optimized for 28-nm CMOS, can 
operate directly at the low voltage of harvesters, and reduces power and 
supply voltage without compromising the robustness of the oscillator start-up 
or loading its tank quality factor. 


6.2 Oscillator Power Consumption Trade-offs 


The oscillator phase noise (PN) requirements can be calculated by consider- 
ing the toughest BLE blocking profile: 


L(Aw) = Pesignal — Priocker — SN Rmin — 10logio( BW). (6.1) 


The received packet error rate (PER) must be better than 30.8% while the 
wanted signal is just 3 dB above the reference sensitivity level of -70 dBm 
and in face of an in-band blocker of -40 dBm located at 3-MHz offset from 
the desired channel. Furthermore, the required signal-to-noise ratio (SNR) 
should be better than 15 dB to support such PER for a GFSK signal with a 
modulation index m = 0.5 [20]. By replacing the aforementioned values in 
(6.1), PN shall be better than -105 dBc/Hz at Aw = 27 - 3 MHz. Hence, the 
PN requirements are quite trivial for loT applications and can be easily met 
by LC oscillators as long as Barkhausen start-up criterion is satisfied over 
process, voltage, and temperature (PVT) variations.! Consequently, reducing 
oscillator power consumption, Ppc, is the ultimate goal in IoT applications. 


‘Ring oscillators can also satisfy such a relaxed phase noise requirement. However, they 
consume much higher power than LC oscillators at fo > 1 GHz [19]. 


126 A Switching Current-Source Oscillator 


The PN of any class of an RF oscillator (i.e., class-B) at an offset 
frequency Aw from its resonating frequency wo can be expressed as 


7 KT wo \2 
L(Aw) = 10 logo (5 ars (=) ) , 62 


where K is the Boltzmann’s constant; T is the absolute temperature; Q4 is 
the LC-tank quality factor; a; is the current efficiency, defined as ratio of the 
fundamental current harmonic Tw, over the oscillator DC current Ipc; and 
ay is the voltage efficiency, defined as a ratio of the single-ended oscillation 
amplitude, Vosc/2, over the supply voltage Vpp [21,22]. Furthermore, F is 
the effective noise factor of the oscillator. 

Equation (6.2) clearly demonstrates a trade-off between the oscilla- 
tors Ppc and PN. Furthermore, the oscillator’s FoM normalizes the PN 
performance to the oscillation frequency and power consumption, yielding 


(6.3) 


10° KT 


2 Q? ar ay 


The effective noise factor F' is expressed by [23, 24] 


Rin 27 
-Rr ag f, BAO THO d 64) 


where ọ = wot, i? ($) is the white current noise power density of the ith 
noise source and T; is its relevant ISF function from the corresponding ith 
device noise [25]. Finally, Rin is an equivalent differential input parallel 
resistance of the tank’s losses. The oscillator Ipc may be estimated by one 
of the following equations: 


| aE Re Veee L. Vus 2V 
ie= ipes osc Vose ASV DE, t= DD | RE, 
QI Rin ay Rin QI 
(6.5) 
As a result, the RF oscillator’s Ppc is derived by 
Ve ay 
Ppc = A EE, (6.6) 
in QI 


Equation (6.6) indicates that the minimum achievable Ppc can be 
expressed in terms of a set of optimization parameters, such as Rin, and 
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a set of topology-dependent parameters, such as minimum supply voltage 
(VppD,min), current and voltage efficiencies. 

Lower Ppc is typically achieved by scaling up Rin = LpwoQi simply 
via a large multi-turn inductor, as in [26]. For example, while maintaining 
a constant Q;, doubling Lp would theoretically double Rin, which would 
reduce Ppc by half but at a cost of a 3-dB PN degradation. However, at 
some point, that trade-off stops due to a dramatic drop in the inductor’s self- 
resonant frequency and Q-factor. Figure 6.3(a) shows the simulated Q-factor 
of several multi-turn inductors in 28-nm CMOS versus their inductance 
values. As the inductor enlarges, the magnetic and capacitive coupling to the 
low-resistivity substrate increases such that the tank Q-factor drops almost 
linearly with Lp. As can be gathered from Figure 6.3(b), this constraint sets 
an upper limit on maximum Rin = LpwoQr, which is chiefly a function of 
the technology node. Note that the inductor’s value is largely dependent on 
its physical dimensions, rather than on the technology. However, the tank 
Q-factor is a bit degraded in the most recent process nodes (i.e., 28 nm) 
mainly due to more stringent minimum metal density rules, closer separation 
between the top-metal and substrate, as well as thinner lower-level metals 
that are used in metal-oxide-metal (MoM) capacitors. As a consequence, 
it is expected that Rin(max) Slightly reduces by migrating to finer CMOS 
technologies. 

Parasitic capacitance of inductor windings, gm-devices, switchable 
capacitors, and oscillator routings determines a minimum floor of the tank’s 
capacitance, which appears to be ~250 fF at fp = 4.8 GHz. It puts another 
restriction on Lp and Rin(maz) to ~4.5 nH and ~1.3 kQ and sets a lower limit 
on Ppc of each oscillator structure. Under this condition, the tank’s Q-factor 
drops to <9. This explains the poor FoM of RF oscillators in modern BLE 
transceivers. 
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The topology-dependent parameters also play an important role in trying 
to reduce Ppc. Equation (6.6) favors structures that offer higher a; or can 
sustain oscillation with smaller Vpp and ay. On the other hand, ay - a; 
should be maximized to avoid any penalty on FoM [22, 27], as evident from 
(6.2). Consequently, to efficiently reduce Ppc without disproportionately 
worsening the FoM, it is desired to employ structures with a higher a; 
and a lower minimum Vpp. To get a better insight, Figure 6.4 shows such 
effects for the traditional cross-coupled NMOS-only (OSCy) and comple- 
mentary push-pull (OSCyp) structures [28,29]. Due to the less stacking of 
transistors, the Vpp min of OSCn can go 40% lower than that of OSCyp. 
However, a; of OSCyp is doubled due to the switching of tank current 
direction every half period. Its oscillation swing, and thus avy, is also 50% 
smaller. Hence, OSCyp offers ~3 x lower ay/a;. However, both structures 
demonstrate similar ay - a; product [30]. Consequently, each of them has its 
own set of advantages and drawbacks such that the minimum achievable Poco 
and FoM is almost identical, as shown in Table 6.2. Note that applying a tail 
filtering technique to a class-B oscillator increases its ay [22,31], which is 
in line with the FoM optimization but against the Ppc reduction, as evident 
from (6.2) and (6.6). Furthermore, while maintaining the same Rin, a class- 
F; operation does not reduce Ppc of traditional oscillators since its minimum 
Vpp, ay and ay; are identical to OSCy (see Chapter 3). 

A push-pull class-C oscillator appears as an excellent choice for ULP 
applications due to its largest ay and smallest ay [32], as per Table 6.2. 
However, it needs an additional complex biasing circuitry (e.g., an opamp) 


Voomin= VitVon Ipc Vopmin= 2V:+Von loc 
PU, Pooch Age 
0 Itank 
kank @y=2/tr Dc 


— ue ofl =4/1r 
Voa E Voa 


i f veen HAE v: 


7 Voa 
AE = 0.5V; v: 7 


v =T Vog 6S - Vo œ= V —=0.4 


(a) (b) 
Figure 6.4 VDD, min, @r and ay parameters for: (a) cross-coupled NMOS and 
(b) complementary push-pull oscillators. 
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Table 6.2 Minimum Ppc for different RF oscillator topologies 


Topology Vpp,min' av? |ar* | Poomin ary Oy 
OSCn V: + Vop ~ 1.5 V, | 0.66 | 2/m | 4.66 VŽ /Rin 0.42 
OSCynp 2V4+Vop &25V,/0.4 | 4/a | 3.92 V? /Rin 0.51 
OSCyp with |2 V; + Vop © 2.5 V; | 0.63 | 4/r | 6.2 V2/Rin 0.8 
tail filter 

Class-Cynp |2V+Von%2.5V.|0.25 |2 |0.15mW + 1.56 V? /Rin | 0.5 
Class-D z Vi 1.635 | 0.5 | 6.54 V?/Rin 0.82 
Class-F3 V: + Vopn S 1.5 V, | 0.66 | 2/m |4.7V2/Rin 0.42 
This work V: + Vop ~% 1.5 V, |0.33 |4/m |1.2V2/Rin 0.42 


+ by considering Vop = 0.5 V; for the current source. 
t at the minimum Vp p. 
* ideal value. 


to guarantee the proper oscillator start-up and to keep the transistors in satu- 
ration during the on-state. There are also strong mutual trade-offs between the 
biasing circuit’s Ppc, oscillator’s amplitude stability and PN, much intensi- 
fied in ULP applications where the tank capacitance tends to be smaller [33]. 
As a consequence, the biasing circuitry can end up consuming comparable 
power as the ULP oscillator itself. On the other hand, Vp p of class-D oscilla- 
tors can go below a threshold voltage, V;. However, due to hard switching of 
core transistors, its ay and ay; are, respectively, higher and lower than other 
structures [34], as shown in Table 6.2. According to (6.6), this trend is against 
the Ppc reduction. Consequently, the current oscillator structures have issues 
with reaching simultaneous ultra-low power and voltage operation. 

In this chapter, we disclose how to convert the fixed current source 
of the traditional NMOS topology into a structure with alternating current 
sources such that the tank current direction can change every half period. 
Consequently, the benefits of low supply of the OSCy topology and higher 
ay of OSCyp structure are combined to reduce power consumption further 
than practically possible in the traditional oscillators. 


6.3 Switching Current-Source Oscillator 


Figure 6.5 shows an evolution towards the switching current-source oscilla- 
tor. The OSCy topology is chosen as a starting point due to its low Vpp 
capability. To reduce Ppc further, it is desired to switch the direction of the 
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Figure 6.5 Evolution towards the switching current-source oscillator. 


LC-tank current in each half period, which will double a;. Consequently, 
we beneficially split the fixed current source M; in Figure 6.5(a) into two 
switchable current sources, Mı and Mg, as suggested in Figure 6.5(b). This 
allows for the tank to be disconnected from the Vpp feed and be moved 
inbetween the upper and lower NMOS transistor pairs to give rise to an 
H-bridge configuration. In the next step, the passive voltage gain blocks, 
Ao, are added to the NMOS gates, as shown in Figure 6.5(c). Both upper 
and lower NMOS pairs should each independently demonstrate synchronized 
positive feedback to realize the switching of the tank current direction. The 
“master” positive feedback enforces the differential-mode operation and is 
realized by the lower-pair transistors configured in a conventional cross- 
coupled manner. Its negative conductance seen by the tank may be estimated 
by (see Section 6.4 for detailed calculations) 


—A 
Gdown 5 = ` (gmi(¢) + Im2(¢)) : (6.7) 


On the other upper side, the differential-mode oscillation of the tank is 
reinforced by the M3,4 devices which realize the second positive feedback.? 
The negative conductance seen by the tank into the upper pair can be 
calculated by (see Section 6.4 for detailed calculations) 

- (4o - 1) 


Gup — Gdown = a ` (gm3(@) + gma(¢)) : (6.8) 


Equation (6.8) clearly indicates that the voltage gain block is necessary 
and Ap must be safely larger than 1 to be able to present a negative con- 
ductance to the tank, thus enabling the H-bridge switching. By merging 


“It should be noted that the “master/slave” view is mainly valid from a small-signal 
standpoint. Both are equally important when considering the large-signal switching operation. 
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the redundant voltage gain blocks, the disclosed switching current-source 
oscillator is shown in Figure 6.5(d). Note that the tank with an implicit voltage 
gain can be realized by using a capacitive divider, autotransformer, or step-up 
transformer, as illustrated in Figure 6.6. The transformer-based tank is chosen 
in this work due to its simplicity. 

Figures 6.7 and 6.8 illustrate the novel oscillator schematic as well as 
waveforms and various operational regions of Mı—4 transistors across the 
oscillation period. The two-port resonator consists of a step-up 1:2 trans- 
former and tuning capacitors, C1, C2, at its primary and secondary windings. 
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Figure 6.7 Schematic of the switching current-source oscillator. 
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Figure 6.8 Waveforms and various operational regions of Mı—4 transistors across the 
oscillation period. 


The transistors M1 2 set the oscillator’s DC current, while the M3 4 pair acts 
as a switching current source. Both Mı 2 and M3—4 pairs play an equally 
vital role of switching the tank current direction. As can be gathered from 
Figure 6.8, Gp oscillation voltage is high within the first half period. Hence, 
only Mə and Ms transistors are on and the current flows from left to right 
side of the tank. However, Mı and My, are turned on for the second half 
period and the tank’s current direction is reversed. Consequently, just like 
in the push-pull structure, the tank current flow is reversed every half period, 
thus doubling the oscillator’s a; to 4/7. 

The Vpp of the new oscillator can be as low as Vop1 + Vop3 ~ V, 
which is extremely small for an oscillator with a capability of switching 
the tank current direction. This makes it suitable for a direct connection to 
solar cells. Note that the oscillation swing cannot go further than Vopj,2 at 
DA/DB nodes, which is chosen ~150 mV to satisfy the system’s phase noise 
requirement by a few dB margin. However, the maximum required voltage of 
the circuit is determined by the bias voltage Vz. 


Vg ~ Vopi + Vgs3. (6.9) 


Equation (6.9) implies that M3,4 should work in weak inversion keep- 
ing Vjs3<V; to achieve lower Vonp min. However, the transistor’s cut-off 
frequency fmax drops dramatically in the subthreshold operation. Note that 
fmax Should be at least 4x higher than the operating frequency fo = 4.8 GHz 
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fmax (GHz) 


Figure 6.9 fmax of low-V; 28 nm transistor versus Vps for different Ves. 


to guarantee the oscillator start-up over PVT variations. This constraint limits 
Vgs3 © 0.32 V for Vop3 © 150 mV, as can be gathered from Figure 6.9. 
Consequently, even by considering only the tougher Vg requirement, the new 
structure can operate at Vpp as low as 0.5 V, on par with OSCy. 

Such a low Vpp and oscillation swing can easily lead to start-up problems 
in the traditional structures. It will certainly increase power consumption, 
Pouf, Of the following buffer, which would require more gain in order to 
provide a rail-to-rail swing at its output that is interpreted as a local oscillator 
(LO) clock. Fortunately, the transformer gain enhances the oscillation swing 
at Mj 2 gates to even beyond Vpp, guaranteeing the oscillator start-up and 
reduction of P,,,¢. Consequently, the oscillator buffer is connected to the 
secondary winding of the transformer in this design. 

As can be gathered from Figure 6.8, the M3 4 switching current-source 
transistors operate in a class-C manner as in a Colpitts oscillator, meaning 
that they deliver more or less narrow-and-tall current pulses. However, their 
non-zero conduction angle is quite wide, ~m, due to the low overdrive 
voltage in the subthreshold operation. On the other hand, Mı,2 operate in 
a class-B manner like cross-coupled oscillators, meaning that they deliver 
square-shaped current pulses. Hence, the shapes of drain currents are quite 
different for the lower and upper pairs. However, their fundamental compo- 
nents demonstrate the same amplitude (az ~ 2/7) and phase to realize the 
constructive oscillation voltage across the tank. The higher drain harmonics 
obviously show different characteristics. However, they are filtered out by 
the tank’s selectivity characteristic. Note that the current through a transistor 
of the upper pair will have two paths to ground: through the correspond- 
ing transistor of the lower pair and through the single-ended capacitors. 
Consequently, the single-ended capacitors sink the higher current harmonics 
of M3 4 transistors. 
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6.4 Thermal Noise Upconversion 


To calculate a closed-form PN equation, the oscillator model is simplified 
in Figure 6.10. At the resonant frequency, the transformer-based tank can 
be modeled by an equivalent LC tank of elements Leg, Ceg, and Rin? On 
the other hand, M,_, transistors with passive voltage gain of the transformer 
are decomposed into two nonlinear time-variant conductances. Note that the 
active elements in the circuit may add to the resonator loss, particularly at 
the extremes of large oscillation waveforms which may push transistors into 
their triode regions. Consequently, the nonlinearity is decomposed into two 
nonlinear resistances: one that is always positive, Gas(@), and one that is 
always negative, G',(¢), where ¢ = wot. Further, to get a better insight, 
the effects of noise on the oscillator phase noise due to channel conductance 
OÈ aal) = 4KTGa;(¢)) and transconductance gain (2 aml) of My_4 
transistors are separately modeled in Figure 6.10. All circuit variables in this 
generic model will be obtained in the following sections. 


6.4.1 Calculating the Effective Noise Due to Transconductance 
Gain of Mı—4 Transistors (if gn()) 


It is clear that the lower pair is a voltage-biased circuit. Consequently, the 
noise sources of Mı and Mg are uncorrelated for the entire oscillation period. 
However, the situation is more complicated for the upper pair. For a short 
time around zero-crossings, both transistors of the upper pair work in the sub- 
threshold region, while elsewhere one of them is off and the other device will 
be driven into saturation. In this situation, current through the upper NMOS 
transistor will have no path to ground other than through the corresponding 
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Figure 6.10 Generic noise circuit model of the disclosed oscillator. 


>The interested reader is directed to [35] for accurate closed-form equations of Leg, Ceq, 
and Rin. 
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NMOS transistor of the lower pair if there were no single-ended capacitance 
at the tank. This phenomenon creates a common-mode oscillation across the 
tank, which ensures that the drain currents of both lower and upper NMOS 
transistor are the same. 

However, if the tank includes some single-ended capacitors connected 
to ground, the oscillator will behave very differently (we also use this 
single-ended capacitors to create a common-mode resonant frequency at 
the second harmonic of the fundamental frequency to reduce 1/f noise 
upconversion). Note that one cannot avoid the presence of single-ended 
capacitors in the tank due to drain—bulk and drain—source parasitic capac- 
itance of lower-pair transistors, source—bulk and drain—source parasitic 
capacitance of upper pair transistors, and parasitic capacitance of the trans- 
former’s primary winding. In this situation, the current through transistors 
of upper pair will have two paths to the ground: through the corresponding 
NMOS transistor of the lower pair and through the single-ended capac- 
itors. Consequently, single-ended capacitors suppress the common-mode 
oscillation voltage across the tank. In this instance, the upper pair is 
more appropriately viewed as a voltage-biased circuit. Consequently, noise 
sources due to transconductance gain of Mı—4 transistors are absolutely 
uncorrelated. 

By using the same approach as [36], we are going to replace all noise 
sources with an equivalent noise source across the tank. By writing KCL 
at DA and DB nodes, it is straightforward to show that the instantaneous 
equivalent current can be calculated by (see Figure 6.11) 


leq = Ima = Im3 


1 
> Teg = Imı +1 I I —> 
pai a eq 5 (( mı + Ima) — (Imi + Ima)) 


Teq = (Imi — Im2) + (Ims — Im4). (6.10) 


As a consequence, the resulting differential noise current through the 
tank is 


oe 
FB Gml®) = | (Bgmi lO) + gma(®) + 7 gmna(®) + 7 gmal)) 


i? gml) = KT (71(Gm1($) + 9m2(b)) + 73(9m3(d) + Yma())) . (6.11) 
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Figure 6.12 Simplified schematic of the lower pair of the oscillator. 


6.4.2 Calculating the Negative Conductance of the Oscillator 
(Gn(?)) 


The negative conductance of lower and upper pairs will be calculated sepa- 
rately in the following sections. The upper and lower negative conductances 
are in parallel. Hence, the total negative conductance is calculated by adding 
the negative conductance of lower and upper pairs. 

The gate-source voltage of Mı is calculated by (see Figure 6.12) 


_ AoVout(¢) : 


Vasi(¢) = Vg 5 


(6.12) 
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As a result, the derivative of gate-source voltage of Mj is 
calculated by 


dWeasi(?) _ Ao Wout(?) 
dp — 2 dọ ` 


The transconductance gain of M; transistor may be estimated by 


_ dh(¢) _ dh(d)/ds __ dh(¢)/dp 2 dd) 


(6.13) 


i desi dVası/de — =29dVou/dd Ao Vout(d) 
(6.14) 
We can rewrite Equation (6.14) as 
dl (@) 2 
= “Om . .1 


On the other hand, the gate-source voltage of Mg is calculated by 


_ dh(¢) _ dh(d)/db _ dh(d)/d6 _ 2 dh(¢) 


aE = = = = . (6.16 
GY e Wo Nalo o Wal S S 
And again, we can rewrite Equation (6.16) as 
dlə(¢) 2 
= —-g,, f .17 
Was aS 2(¢) (6.17) 
The effective negative conductance of lower pair, 
dle 1 dI — dl. 
Galo) = Hee) _ 1, dh) ~ ah) (6.18) 


m dVout (Q) 2 dVout (Q) 
By using (6.15) and (6.17), the above equation can be rewritten by 
1 
Gna(?) = “Si. Ao : (Gmi($) + 9m2(¢))- (6.19) 


The same calculations can be done for M3 and M4. 
The gate-source voltage of M3 is calculated by (see Figure 6.13) 


Vas3(¢) = Ve — Vo + 0.5( Ao — 1) Vout (4). (6.20) 
As a result, the derivative of gate-source voltage of Mg is 
calculated by 
dVes3(¢) AVout() 
———— = 0.5(Ap — 1) - ————. 6.21 
do (Ao — 1) dp (6.21) 
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Figure 6.13 Simplified schematic of the upper pair of the oscillator. 


The transconductance gain of Mg transistor may be estimated by 
dI3(¢) _ dI3(¢)/de _ __dI3(¢)/d¢ 
dVass dVas3/db  0.5(Ao — 1) Spt 

2 dI3(o) 


9m3(?) = 


= . F (6.22) 
(Ao=1)  dVout(?) 
We can rewrite the above equation by 
dI3(o) _ Ao-1 
= -gm ; 6.23) 
Wau) x’ 9m3(9) ( 
On the other hand, the gate-source voltage of My, is calculated by 
Ap —1 
Vasa($) = Vs- V- 5 Vald). (6.24) 


As a result, the derivative of gate-source voltage of My, is 
calculated by 


dVasa(?) _ (Ao — 1) Aout (P) 


= . 25 
do 2 dọ om 
The transconductance gain of My, transistor then is estimated by 
a= dI4() _ dl4($)/dọ _ dla (b) /dġ 
í dVasa dVas4/dọ 0.5(Ao — 1) Sat 
= Be, Ue (6.26) 


(Ao = 1) dVout(d) 
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We can rewrite the above equation by 


al. Ag —1 
aC = — J i Ima (G). (6.27) 


The negative conductance of upper pair 


_ degul) _ 1 dla(g) = dls($) 


Gnu(¢) = = 6.28 
(O5 Waal) 2° Weal) erg 
By using (6.23) and (6.27), the above equation can be rewritten by 

1 


The upper and lower negative conductance are in parallel. Hence, the total 
negative conductance is calculated by 


Gn($) = Gna(?) + Gnu (Q) 


= È- [A0 = (Ima (Ø) + gm2(9)) + (Ao — 1) - (9m3 (8) + 9ma())]- 
(6.30) 


6.4.3 Calculating the Positive Conductance of the Oscillator 
(Gps(¢)) 
The positive conductance of lower and upper pairs will be calculated sepa- 
rately in the following sections. The upper and lower positive conductance 
are in parallel. Hence, the total positive conductance is calculated by adding 
the positive conductance of lower and upper pairs. 
The drain—source voltage of Mı is calculated by (see Figure 6.12) 
Vout (P) 


Vasi(¢) = Vo + —S—- (6.31) 


As a result, the derivative of drain-source voltage of My, is 
calculated by 
dVası ($) sd. 1 F Vout (P) 
dp 2 dp ` 
The drain-source conductance of My, transistor may be 
estimated by 
_ dh(ġ) — dh(@)/do _—— dl(¢)/do _ dl, (@) 


= = = = 2: . (6.33 
Waa Waai 05a Waal) °°? 


(6.32) 


gasi(?) 
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We can rewrite the above equation by 


dh(o) _ 1 
a PN S . . 4 
AVout() 2 Gd. 1(@) (6.3 ) 
On the other hand, the drain—source voltage of Mg is calculated by 
Vou 
Vas2(¢) = Vo — a) (6.35) 


As a result, the derivative of drain-source voltage of Mə is 
calculated by 


dVis2(@) = 1 A AV out (@) 

dp 2 dp ` 

The drain-source conductance gain of Mə transistor may be 
estimated by 


— dIa(d)  dh(¢)/dọ — dh(¢)/dọ _ 9 dI(¢) 


(6.36) 


6 = = = =-2: . (6.37 
gasal) dVas2  dVas2/dġ —0.5 Tou dVoutl O) ee 
We can rewrite the above equation as 
dh(¢) 1 
= —- : fds : 6.38 
Wau) z 9d 2() (6.38) 
The positive conductance of lower pair then will be 
_1 dh(¢) -— dh(¢) 
Gas—down($) = 5 Vou) (6.39) 
Using (6.34) and (6.38), we can conclude: 
1 
Casdownl?) eta (gasi(@) F Jas2()) : (6.40) 


4 


The drain—source voltage of Mg is calculated by (see Figure 6.13) 


Vou 
Vas3(¢) = Vop — Vo — sa (6.41) 
As a result, 
dVas3(@) ie 1 : Aout (9) (6.42) 


dé 2. dd 
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The drain-source conductance gain of M3 transistor then is 
estimated by 


dI3(o) _ dI3()/dd _ dI3(¢)/do dI3(¢) 
3 2 = — Ha, . (6.43 
94039) = Way dVaas/4d e Wueldy OA 
We can rewrite the above equation as 
dI3(¢) 1 
Se SS ds : 6.44 
Wau) z` Id 3(¢) (6.44) 
On the other hand, the drain—source voltage of My is calculated by 
Vou 
Vasa(b) = Vop — Vo + LR (6.45) 
As a result, 
dVas4(ġ) at 1 Vout (Q) 
a= e dé (6.46) 
and 
dI4(o) _ dI4()/dd _ dly(¢)/do dI4(o) 
: = = = =2-——_._ (6.47 
Iasal$) dVasa  WVasaz/dd 0.5% AVout() a 
We can rewrite the above equation as 
dI4(¢) 1 
—5 = L. gds ; 6.48 
Would 2 H 4(¢) (6.48) 
The positive conductance of upper pair then will be 
1 dly(¢) — dI3(¢) 
pee ==. à A 
FO 9 Mel) oe 
Using (6.44) and (6.48), we can conclude 
1 
Gas—upl P) =n (gas3(@) + gasa(@)) : (6.50) 


4 


The upper and lower positive conductance are in parallel. Hence, the total 
negative conductance is calculated by 


Jasi + Jas2 + Gas3(%) + gasa(¢)] - 
(6.51) 


1 
Gas(@) = Gas—up() op Gds-down = 4 [ 
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6.4.4 Satisfying Barkhausen Criterion 


To sustain oscillation, the average power dissipated in the tank (R;n) and 
positive conductance of active devices (Gq,(¢)) must equal the average power 
delivered by the negative conductance of nonlinearity (Gn (¢)) [36]. Hence, 


Pr,,, + Paas = —PGn- (6.52) 


Assuming Vout = A-cos(wot), the average power dissipated in the tank 
can be calculated by 


T 
1 [2 (A,cos(wot))? A? 
; dt = —. 6.53 
in T a R, 2R, Saa 


The current drawn by the positive conductance of nonlinearity can be 
described as 


t 
IGas (t) = Tey 3e +f day, (r))dr 
t 
= Teuvo + | Gaslr)AVou(r))ar 
t 
= fe pem Aan f Gas(T) - sin(woT))dr (6.54) 


and the average power dissipated by the positive conductance of the 
nonlinearity is 


1 /T/2 
= J Accos(wot) - ee — A,wo 


T Jrj 
t 
Í Gas(T) + sin(woT) > ar| dt 
ae 
=a / A,cos(wot) -Igps_po ` dt 
-T/2 
7 A2wo 


T/2 t 
/ cos(wot) | Gas(T) - sin(wor)dr} - dt. 
T —T/2 —o0 
(6.55) 
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If we switch the order of the integrals, we may write 


A2wo T f? 
Paa (t) = — T I " f Gas(T) - sin(woT) : cos(wot) - dt - dr 
ay 


T 
2 


A? 7 
= Sa f `; Gas(T) - sin(woT) - dr - sin(wot)|? 


2 
A2 fF l 
= To e Gas(T) - (sin(wor))? - dr 
2 
A2 f7 
= t / 4 Gas(T)- (1 — cos(2woT)) - dr. (6.56) 
=y 
We know 
1 T/2 1 T 
Gull =F |  Gos(r)-ar= = f Gps(6)-d6 657 
—T/2 T Jan 
and 
1 TP 
Gas(2] = = Gps(T) - cos(2wor) - dr 
T J-T/2 
1 H. 
=ar Gps(¢) - cos(2¢) - dọ, (6.58) 


where Gys{k] describes the Fourier series coefficients of the instantaneous 
positive conductance of nonlinearity Gz.(t). By replacing (6.57) and (6.58) 
in (6.56) 


A2 
Paa, = > > (Gps [0] - Gps[2)). (6.59) 
We also define, 
Gpser = Gps[0] — Gps[2]. (6.60) 


By replacing (6.60) in (6.59), 


2 


A 
Paas = x : (GpsEF). (6.61) 
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Now let us calculate the average power delivered G,,(¢). The current 
drawn by the G,,(¢) can be described as 


Ta =e E. [. A 


n cor i Gn (7)d(Vous(7))dr 


= IG„-po — y Gn (T) - sin(woT))dr. (6.62) 


and the average power dissipated by the positive conductance of the 
nonlinearity is 


pr 
Pon) =F f, Volt) Toute 
1 pte 
a Aeccos(wot) - tev. DC 
_T/2 


—A,w0o G(T) - sin(worT) - ar| -dt 


1 T/2 A2 T/2 
= A,cos(wot) - Ig, ne + — a f cos(wot) 
_T/2 T T/2 
ia Gnl 7) -sin(wor)dr] - dt. (6.63) 
If we switch the order of the TERES we may write 
AB 
Po, (t) = ee ri á i Gr(T) - sin(woT) - cos(wot) - dt - dr 
2: 
= | og 
Se on G(T) - sin(woT) -dr - sin(wot)|? 
2 
T. 
a 2 
=+ oy G(T) - (sin(wor))* + dr 
g 
A? f3 
= + Gn (T) - (1 — cos(2woT)) - dr. (6.64) 
PLE 
Consequently, 
A2 
Pe, = Ea : (GNsEF). (6.65) 
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To sustain oscillation, the average power dissipated in the tank (R;n) and 
positive conductance of active devices (Gg,) must equal the average power 
delivered by the negative conductance of nonlinearity (Gn). By replacing 
(6.53), (6.61) and (6.65) in (6.52), 


Ae, AG A: 
IR 2 (GpsEF) =- r~ (GNEF). (6.66) 
Consequently, 


1+ Rin: GDSEF 
Rin l 


GNEF = (6.67) 
On the other hand, the total effective negative conductance can be 
rewritten as sum of the effective negative conductance of lower and upper 
pairs 
1+ Rin: GDSEF 
Rin 
Note that both upper and lower NMOS pairs should each individu- 
ally demonstrate synchronized positive feedback to realize the switching of 
the tank current direction. Consequently, as with traditional complimentary 
oscillator, each pair should roughly compensate half of the oscillator losses. 


GNDEF + GNUEF = (6.68) 


1 1+ Rin: GDSEF 


GNDEF = GNUEF = (6.69) 


On the other hand, Gypgr and Gynugr can be, respectively, 
calculated by 


1 
GNDEF = ar - Ao: |Guier + Gu2er| (6.70) 


and 
1 
GNUEF = ae (Ao — 1) - [GmsEF + Gm4EF]. (6.71) 


By merging (6.70), (6.71) and (6.69), we have 


2 14+ Rin: G 
Guier + GM2EF = (Ao) | T PRAE (6.72) 
2 1+ Rin eG 
GM3EF + GM4EF = a= a ene. 


(6.73) 


146 A Switching Current-Source Oscillator 


Since the oscillator is a symmetric circuit, the effective transconductance 
of Mı and Mg (also, M3 and M43) are the same. Hence, we can rewrite the 
above equation by 


1 1+ Rin: GDSEF 


= x .74 
GM1EF (Ap) Rn (6.74) 
ae i ARG 
G 2 in ` GDSEP 6.75 
M4EF (Ap — 1) Ren (6.75) 


We will use (6.74) and (6.75) later for calculating a closed-form equation 
of this oscillator. 


6.4.5 Phase Noise Equation 


It is well known that the phase noise and FoM of any RF oscillator at an offset 
frequency wo from its resonating frequency wo = 27fp can be expressed by 


L(Aw) = 10 log, € sea ( ea! )’) (6.76) 


- Q? - ar- avy: Ppc Aw 
and, 
10°-K-T 
FoM = 101 — F 6.77 
o ogo (ra i. (6.77) 


where K is the Boltzmann’s constant; T is the absolute temperature; Q; is 
the LC-tank quality factor; a; is the current efficiency, defined as ratio of 
the fundamental current harmonic Iw, over the oscillator DC current Ipc; 
and ay is the voltage efficiency, defined as ratio of single-ended oscillation 
amplitude Vosc/2 over the supply voltage V pp. F is the oscillator’s effective 
noise factor and estimated by 


Rin 2r 
~ 2KT Dar On ah ee Ty (d)do. (6.78) 


Let us now calculate the contribution of the losses and active devices. 
The white current noise power density of the resistive loss of the oscillator is 
given by 


i toss (®) E È sank (?) + È a, (Q) = 4KT ( 1 


Ay t Guld)) - 6.19) 
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The relevant impulse sensitivity function of noise sources associated with 
a sinusoidal waveform oscillator, Vose - cos(¢@), may be estimated by [ = 
sin(@) [25,28]. By exploiting (6.4), the effective noise factor due to resistive 
losses of the oscillator becomes 


2T 
i va i toss (PU foss(P)de 


= oR x [axe ~ + Gas(#) ) -sin2(¢) - do 
TIKT On Jo ae n Bre 
2r 


= 2sin?(p)do + Rin & s Gas(o) - do 


= 1+ Rin (Gps[0] — Gps[2]) = 1+ RnGpszr, (6.80) 


where Gpg|k] describes the kth Fourier coefficient of the instantaneous 
Gas(%). From (6.51) and since the oscillator is a symmetric circuit, 
Goser = }- [GoseritGoser2+Goser3+Gposers) = 3° 
[(Gpseri + Gpsera|. Consequently, we can rewrite (6.80) as 


Rin 
Floss = 1 + EU (GpsiEF + Gps4eF) - (6.81) 


To get a better insight, different components of the above equation 
are graphically illustrated in Figure 6.14(a)-(c). The literature interprets 
RinGpser term in (6.81) as the tank loading effect. In our design, Mı and 
Mz alternatively enter the triode region for part of the oscillation period and 
exhibit a large channel conductance. As shown in Figure 6.14(a), simulated 
0.5RinGpsier can be as large as 0.6 for the lower-pair transistors. However, 
M3,4 work only in saturation and demonstrate small channel conductance for 
their entire on-state operation, as evident from Figure 6.14(a). Hence, the 
simulated value of 0.5 RinG ps4ErF is as low as 0.15 for upper pair transistors. 
Note that both NMOS and PMOS pairs of the OSCyp structure simultane- 
ously enter the triode region for part of the oscillation period and load the 
tank from both sides. In this structure, however, only one side of the tank is 
connected to the AC ground when either M;/Mg is in triode while the other 
side sees high impedance. Hence, this structure at least preserves the charge 
of differential capacitors over the entire oscillation period. Consequently, 
compared to the traditional oscillators, the tank loading effect is somewhat 
reduced here. 
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Figure 6.14 Circuit-to-phase-noise conversion across the oscillation period in the switching 
current-source oscillator. Simulated (a) channel conductance of My _4; (b) conductance due 
to resistive losses; (c) noise factor due to losses; (d) transconductance of Mı—4; (e) effec- 
tive noise factor due to transconductance gain; (f) effective noise factors due to different 
oscillator’s components. 


The effective noise factor due to transconductance gain can be 
calculated by 


Rn 1 [75n 
a pi i 6.82 
Factive IKT al tem (PO) PGm(b) de ( ) 
Replacing (6.11) in (6.82), 
Bg [xr (Gmi(b) + 9m2(%)) + ¥3(9ma(¢) 
active = OKT In i V1A\Gmi1 IJm2 Y3\9m3 


+ gma())) -sin?(d) - dg 


i 2r 
_ Bin I 2 sin? ($) (71 (Im () + gm2(¢)) 


FO E G : TE) 


2 2 
= Pin [i (Gm[0] — Gari [2] + Gm2[0] — G m2[2]) 


+ y4(G mal0] — G m4l2] + Gmal0] — G m42])] 
Rin 


=a [(Gminr + Guoer) + 4(Gu3er+ Gmarr)| (6.83) 
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By replacing (6.72) and (6.73) in (6.83), 


Factive = (1 a RinGpsEF) ; ( f 


Rag y4 
DAG ay): 8s) 


To get a better insight, different components of the above equation are 
graphically illustrated in Figure 6.14(d-e). 

As discussed in conjunction with Figure 6.5(c), the transformer’s passive 
voltage gain, Ao, covers a significant part of the required loop gain of the 
lower positive feedback. Hence, the lower-pair transistors have to compensate 
only 1/(2Ao) of the circuit losses. For the upper positive feedback, however, 
Ag covers a smaller part of the required loop gain. Consequently, the upper 
transistors should work harder and compensate 1/(2(Ao—1)) of the oscillator 
loss. Consequently, as (6.84) indicates, the Gwy noise contribution by the 
lower pair is smaller. However, its effect on Floss is larger such that both 
pairs demonstrate more or less the same contribution to the oscillator PN 
(see Figure 6.14(f)). Finally, the total oscillator effective noise factor is 
given by 


FP = Foss + Factive = (1 + RinGpser) : (1 T A t a 5) 


(6.85) 


To obtain the oscillator phase noise, Gps1grF and Gps4gr should also 
be calculated or simulated. Since transistor size and oscillation waveforms 
are known, it is pretty straight-forward to calculate a closed-form equation 
for them. However, the final equation will be huge and these parameters are 
calculated numerically here. 

When M3 4 are not turned off, they work only in saturation and thus their 
channel conductance and Gps4grF are negligible. However, as shown in the 
manuscript, precise simulations show that Rin - Gps4gF can be as large as 
0.15 even if the transistor works only in the saturation. It translates to 0.6 dB 
higher noise factor for this oscillator due to channel conductance noise of 
M3 4 transistors. On the other hand, M; and Mb alternatively enter the triode 
region for part of the oscillation period. Hence, their effective conductance 
Gps1er is larger. Simulations show that Rin - Gpsıgr is about 0.6 in this 
oscillator. We will also show later that the excess noise factor of NMOS 
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transistors is 1.4. The voltage gain is 2.16. By replacing those numbers in 
the nose factor equation, we have 


1.4 h 1.4 
2.2.15 2-1.15 


F =(1+0.6+0.15)- h + ( )] ~5.3dB (6.86) 


the noise factor is just 1.5 dB higher than the ideal value of (1 + y), despite 
the aforementioned practical issues of designing ulta-low voltage and power 
oscillators. The phase noise and FoM of this oscillator can be calculated by 
replacing (6.85) in (6.2). 


6.5 1/f Noise Upconversion 


Several techniques have been exploited to improve the oscillator’s 1/f noise 
upconversion. First, dynamically switching the bias-setting devices Mj,2 will 
reduce their flicker noise, as also demonstrated in [37]. It also lowers a 
DC component of their effective impulse sensitivity function. Second, as 
discussed in Chapter 5, [38,39], a second-order harmonic of the gm-devices’ 
drain current flows into the capacitive part of the tank due to its lower 
impedance and creates asymmetric rise and fall times for the oscillation 
waveform. It directly increases a DC value of the oscillator ISF and thus its 
1/f? PN corner. This phenomenon can be alleviated by realizing an auxiliary 
resonance at 2wọo such that the second harmonic current flows into equivalent 
resistance of the tank in order to avoid disturbing the rise and fall time 
symmetry of the oscillation voltage. Since common-mode signals, such as 
a second harmonic of the drain current, cannot see the tuning capacitance at 
the transformer secondary winding [21], the auxiliary 2wọ can be realized 
without die area penalty and by adjusting the single-ended capacitance at the 
transformer primary winding [39]. 

The last source of the 1/f noise is Mp; in the biasing circuitry. By exploit- 
ing long channel device for biasing, its power consumption becomes negligi- 
ble compared to the oscillator core while Mpg: /g2 occupy larger area and thus 
generate lower 1/f noise. Consequently, based on aforementioned techniques, 
a lower 1/f? PN corner is expected than in the traditional oscillators. 


6.6 Optimizing Transformer-Based Tank 


The transformer-based tank’s input equivalent resistance, Rin, and voltage 
gain, Ag, should be maximized for the best system efficiency. Both optimiza- 
tion parameters are a strong function of ¢ = L2C2/L1C; [35], as shown in 
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Figure 6.15 Transformer-based tank: (a) schematic; (b) input parallel resistance; (c) voltage 
gain; and (d) Rai versus Ç-factor. 


Figure 6.15. Rin may be estimated by 


Rin = Iy49Q1 - (6.87) 


(ey (1+ 8) + (2) (1+ Bd) 


where w2 = 1/L2C, and Qı and Qə are, respectively, the Q-factors of 
the transformer’s primary and secondary windings. It can be shown that Rin 


reaches its maximum when 


Q2 Q2 2, ) 
SRmar = GO (zz ky 4 0,403)" (6.88) 


Note that the tank Q-factor is maximized at different ¢ = Q2/Q, [24]. 
The maximum R;,, is obtained by inserting (6.88) into (6.87) 


Rinmar = LiwoQı - (1 FT kz. è 2) . (6.89) 


Consequently, the transformer’s coupling factor km enhances Rin by a 
factor of ~(1 + k2) at CRmazx- For this reason, the switched-capacitor banks 
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are distributed between the transformer’s primary and secondary to roughly 
satisfy (6.88). For km > 0.5, the voltage gain of the transformer-based tank 
may be estimated by 


E Qkmn 
1-4 14+ C+ CR, = 2) 


Ao (6.90) 


As shown in Figure 6.15(c), Ao increases with larger ¢. Note that larger 
Rin and Ao are desired to reduce Ppc and Py, respectively. To consider 
both scenarios, trans-impedance Rj; = Rj,,- Ap term is defined and depicted 
in Figure 6.15(d). R21 reaches its maximum at ¢ = 1 for Q1 ~ Q2, which is 
reasonable for monolithic transformers. We also define the maximum of Ro; 
as the transformer FoM = (Q;||Qz2)- (1+ km)? > V/L1L2 - wo. Consequently, 
the transformer dimensions and winding spacing are chosen to maximize 
this term. 


6.7 Experimental Results 


The oscillator was prototyped in TSMC 40 nm 1P7M CMOS. The chip 
micrograph is shown in Figure 6.16(a). Mı 2 and M34 transistors are 
minimum-length low-V; devices with a width of 32 and 256 um, respectively. 
The transformer’s primary and secondary differential self-inductance is only 
660 pH and 2 nH, respectively, with the coupling factor km = 0.76. Both 
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Figure 6.16 (a) Chip micrograph; (b) measured oscillator phase noise and FoM at 3-MHz 
offset frequency across the tuning range. 


6.7 Experimental Results 153 


transformer’s winding are realized with top ultra-thick metal (3.5 jum). How- 
ever, the transformer includes a floating M1-to-M6 shield to comply with 
the strict metal density rules (>10%-—20%) for manufacturability and also to 
alleviate the substrate loss. Note that the shield must be significantly thinner 
than the skin depth at the desired frequency to avoid any attenuation of the 
magnetic field. The skin depth of copper is ~0.9 um at 5 GHz. However, 
the thickness of M6 layer is 0.85 um. Hence, adding M6 dummy metal 
reduces the transformer’s magnetic field, inductance, and Q-factor, and thus 
Rin drops by 10%—20%. The simulated Q-factor is 12 and 16 for the primary 
and secondary windings, respectively. 

Figure 6.17 shows the measured PN at the highest and lowest frequencies 
(fmax; fmin) with Vpp of 0.5 V and Ppc of 470 and 580 uW, respec- 
tively. Thanks to the switching current-source technique, 1/f? PN corner 
of the oscillator is relatively low and varies between 250 and 420 kHz 
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Figure 6.17 Measured phase noise of this oscillator. 
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Table 6.3 Comparison table of low power oscillators 


[40] [23] [41] [26] 

This Work JSSC’05 JSSC’08 | ESS-CIRC’ 14t | ISSCC’ 14 
Technology 40 nm 0.18 wm 0.13 um | 28 nm 40 nm 
VDD 0.5 V 0.5 V 1V 0.5 V 1V 
TR(%) 22.2 8.7 14 N/A 24.5 
fo (GHz) 4.8 3.8 4.9 2.35 2.44 
PN (dBc/Hz)} | —139 —143 —149.5 | —125.8 —131.1 
Ppc (mW) 0.48 0.57 1.4 0.38 0.4 
FoM (dB) 189.8 193 195.5 187.5 183 
FoMr (dB)* 196.7 191.7 198.5 N/A 190.8 
Freq pushing 17 MHz/V 273 MHz/V | N/A N/A N/A 
Dummy fill Yes No No No No 
Area (mm?) 0.14 0.23 0.11 0.2 0.15 
Oscillator Switching TRX Class-C | Class-D Traditional 
topology current source | feedback 
Including LDO. LDO also performs a start-up role. 


At Af = 10 MHz normalized to 2.4-GHz carrier. 
*FOMr = |PN|+20 logio((fo/A f)(TR/10)) — 10 logio(Ppc(mW)). 


across the tuning range (TR). The oscillator has a 22.2% TR, from 4 to 
5 GHz. Figure 6.16(b) displays plots of phase noise and FoM across the 
TR. The FoM reaches maximum 189.9 dBc at fmax and varies ~1 dB 
across the TR. 

Table 6.3 summarizes the oscillator performance and compares it with 
relevant state-of-the-art for Poc<2 mW and TR>8%. It is the only one with 
the all-layer dummy metal fills inside the LC tank for manufacturability. For 
the similar Ppc (400-600 uW), only the transformer-feedback VCO [40] 
shows better FoM but with a much larger area, lower TR, and extremely high 
frequency pushing. Class-C VCO [23] also shows better FoM but at a much 
higher Ppc. Furthermore, it needs additional complex biasing circuits (such 
as opamp) for proper operation, which can potentially limit its minimum Vpp 
and thus Ppc. 

It might be interesting to point out that switching current source oscillator 
is already adapted in a fractional-N ADPLL for BLE [42], in a fully integrated 
BLE transmitter [18], and a BLE transiver [43]. 
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6.8 Conclusion 


A switching current-source oscillator has been described and analyzed, pro- 
viding deep insights into beneficial circuit operation. It combines advantages 
of low supply voltage operation of the conventional NMOS cross-coupled 
oscillator with high current efficiency of the complementary push—pull oscil- 
lator to reduce the oscillator supply voltage and dissipated power without 
sacrificing its start-up robustness or loading tank’s Q-factor. The 28-nm 
CMOS prototype exhibits 189.5 dBc/Hz FoM, with 22% tuning range, dissi- 
pating 0.5 mW from 0.5 V power supply, while complying with the process 
technology manufacturing rules. 
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Tuning Range Extension of an Oscillator 
Through CM Resonance 


In this chapter, we introduce a method to broaden a tuning range of a 
CMOS LC-tank oscillator without sacrificing its area. The extra tuning 
range is achieved by forcing a strongly coupled transformer-based tank into 
a common-mode resonance at a much higher frequency than in its main 
differential-mode oscillation. The oscillator employs separate active circuits 
to excite each mode but it shares the same tank, which largely dominates the 
core area but is on par with similar single-core designs. The tank is forced 
in common-mode oscillation by two injection locked Colpitts oscillators 
at the transformer’s primary winding, while a two-port structure provides 
differential-mode oscillation. An analysis is also presented to compare the 
phase noise performance of the dual core oscillator in common-mode and 
differential-mode excitations. A prototype implemented in digital 40 nm 
CMOS verifies the dual mode oscillation and occupies only 0.12 mm? and 
measures 56% tuning range. 


7.1 Introduction 


Oscillator design for multi-mode multi-band (e.g., Fourth or Fifth Generation 
(4G/5G) cellular) applications demands wide tuning range (TR) while ensur- 
ing sufficiently low phase noise (PN) for a range of targeted frequency bands. 
The maximum achievable TR of a traditional single-core LC-tank oscillator is 
limited at 35%—40% by a Con /Cog capacitance tuning ratio of its switched- 
capacitor network, further constrained by large size of its switches needed 
to prevent deterioration of the LC tank’s quality (Q)-factor. For example, the 
Q-factor of a switched-capacitor network in a 40 nm technology is about 
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80 at 4 GHz resonant frequency when Cy,/Cog = 2. For an inductor’s 
Q-factor of 15 at this frequency, the tank’s equivalent Q-factor reduces to 
12.6. 

The most straightforward solution seems to be designing two separate 
oscillators [1,2] at the expense of large area, and the need for high-frequency 
source-selecting multiplexers, which increase power consumption and noise 
floor. A system-level local oscillator (LO) solution in [3] uses a single 
40-GHz oscillator followed by a +2 divider and an LC-tank mixer to generate 
20 and 30 GHz LO signals. However, the extra mixer costs significant power 
and area as well as it produces spurs. Another attempt is to decrease the 
area of a two-core oscillator by placing one inductor underneath the other 
[4, 5]. However, the top inductor has to be very large so that the other 
one can be placed at its center without degrading the top inductor’s quality 
factor. Therefore, the oscillator area is still considerably larger than that of a 
single-tank oscillator. 

Employing switched resonator tanks, in which the tank’s inductance is 
controlled by turning on/off interconnecting switches, is another TR expand- 
ing technique [6-13]. However, the switches’ resistance limits the tank’s 
Q-factor, thus degrading the oscillator PN [14]. Transformer-based dual-band 
oscillators [15, 16] offer wide but not continuous tuning range. A switched- 
shielded transformer [17] is another method to increase the oscillator’s tuning 
range but it appears effective only at mm-wave frequencies. A shielded 
inductor [18] with a shorting switch is inserted between two windings of a 
transformer [17]. The coupling factor between the windings changes as to 
whether the current is flowing in the shielded inductor or not. This trans- 
former is not large; however, its inductors’ quality factor gets compromised. 
Consequently, this range-increasing technique is interesting for mm-wave 
applications where the tank’s quality factor is rather limited by the capacitive 
part; however, for the single-GHz RF frequencies, the degradation of the 
tank’s Q-factor would seem to be excessive. 

Recent works on mode-switching oscillators significantly improve the PN 
versus TR trade-off [19-21]; however, they do not improve the TR versus die 
area trade-off. For example, Li et al. [20] switches between resonant modes 
(even/odd) of two capacitively and magnetically coupled LC resonators, as 
shown in Figure 7.1(a). Strong magnetic coupling enhances the difference 
between the two resonant frequencies; hence, a continuous TR extension 
calls for a low coupling factor, such that the transformer ends up to be quite 
large. Unfortunately, the recent CMOS technology nodes (28 nm and, to a 
lesser extent, 40 nm) have brought about very tough minimum metal-density 
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Figure 7.1 LC tanks for wide tuning range: (a) resonant mode switching technique [20]; (b) 
band switching technique [21]; (c) introduced technique in [33, 34]. 


requirements; therefore, the inductors and transformers should be filled with a 
lot of dummy metal pieces [22]. This has negative consequences on inductors 
as resistive losses due to eddy currents in the dummy fills degrade the 
Q-factor. And, that is in addition to increasing the parasitic capacitance, thus 
narrowing the TR. The losses are even more severe in the weakly coupled 
transformers. The spacing between their primary and secondary windings is 
larger (see Figure 7.1(a)) and must be filled with dummy metal pieces, but it 
is precisely where the magnetic flux is concentrated the most. 

In [21], as shown in Figure 7.1(b), four identical inductors are coupled 
through four mode-switching transistors, providing two oscillation bands. In 
a low-band oscillation mode, there is no AC current flow possibility in two 
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of these inductors (see Figure 7.1(b)); however, in a high-band mode, the 
AC current can flow in all the inductors. Thus, the effective inductance value 
in each band could be controlled. Obviously, the four inductors significantly 
increase the area. 

Considering that not all applications require as stringent PN performance 
as does cellular wireless, we concentrate in this chapter on maintaining the 
die area similar to that of a single LC-tank oscillator, while significantly 
improving the TR and keeping a reasonable PN performance. The single-tank 
oscillator employs a strongly coupled transformer-based tank and forces the 
tank to oscillate either in a differential mode (DM) or common mode (CM); 
see Figure 7.1(c) [33,34]. The DM oscillation provides the TR equivalent of 
a single-tank oscillator. The TR is then extended by the CM oscillation. The 
oscillator has two separate active circuits to excite each mode. However, since 
the passive part is shared in both modes, the die area is comparable to that of 
a typical narrow TR oscillator. 

In Section 7.2, we briefly analyze the mode-switching oscillator intro- 
duced in [20]. Section 7.3 describes how the transformer-based tank can 
exhibit both DM and CM resonances. Section 7.4 describes a circuit imple- 
mentation of the single-tank two-core oscillator that excites one of these 
resonances at a time. Section 7.5 shows measurement results. 


7.2 Mode-Switching Oscillator 


As we mentioned before, in this technique, two capacitively and magnetically 
coupled LC resonators are replaced a simple resonator to widen oscillator 
bandwidth. The input impedance of the transformer-based tank, shown in 
Figure 7.2(a), has a fourth-order polynomial denominator and shows two 
resonant frequencies, 


1+X+4/(1 +X)? -4X (1 — k2) 
ie = 2 (1 — k2) 


w3, (7.1) 


where w? = noe w= EG and X = po, The oscillator built around 
a transformer tank can excite wy, or wy at a time to expand its tuning range. 
However, the different impedances of these resonances (see Figure 7.2(b)) 
results in a large gap in PN performance of the oscillator in two modes. 

A tank can also be capacitively coupled as shown in Figure 7.2(c). Two 
sides of the transformer can be forced to oscillate either in phase or 180° 
out of phase with the help of four switches (see Figure 7.3(a)) [20]. When 
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Figure 7.2 (a) Transformer-based tank and (b) its input impedance; (c) capacitively coupled 
transformer-based tank and (d) its input impedance. 


(a) (b) (c) 
Figure 7.3 (a) Simplified schematic of DCO; (b) DCO operates in HB; and (c) LB. 


oscillation is in phase, high-frequency band (HB), the coupling capacitor 
cannot be seen. Assuming Lı = Lə = L and C1 = C2 = C, 


1 


a 7.2 
(1 — km)LC ma 


WHB = 
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However, if the two sides of the transformer are forced to oscillate out 
of phase, there will be a virtual ac ground in the middle of Cc, as shown in 
Figure 7.3(c). Therefore, the oscillator is switched to the low-frequency band 
(LB). The output frequency is obtained as follows: 


1 
nH ERRO EE 


(7.3) 


where Cc is the coupling capacitance between the two windings. A low 
coupling factor of the transformer, km, ensures that the separation between 
high-band and low-band frequencies is in a way that a continuous oscilla- 
tion is possible. The equivalent parallel resistance of the two modes of the 
resonators can be found as follows [20]: 


1 km) L 
Ry HB ® Cae (7.4) 
—_ U+km) £ 
Ry,LB © CEREA (7.5) 


in which r, is the equivalent series resistance of the primary and secondary 
inductances. These four design parameters, km, Cc, C, and L, are used to 
design an oscillator with continuous tuning range and some frequency overlap 
between the oscillation modes, while making possible Rp, 7p ~ Rp,LB 
(Figure 7.2(d)) to ensure balanced performance in the two modes. 

The coupled tank resonates at one of these modes (bands) depending on 
the G4 and Gə transconductances states (see Figure 7.3(a)). When G';’s are 
on and G9’s are off, two sides of the tank oscillate at the same phase. In the 
opposite state, G',’s are off and G’s are on, so the two sides of the resonator 
oscillate out of phase. In order to avoid the frequency discrepancy between 
HB and LB, Cc and km are chosen to provide some frequency overlap 
between the two oscillation bands and also assure almost equable phase 
noise performance in both modes [20]. The transconductances are designed 
as differential cells as is shown in Figure 7.4. 

We designed a wide tuning range oscillator with this technique. It 
employs a transformer with L = 700 pH and km = 0.18 [32]. The 
transformer characteristics are shown in Figure 7.5(a-c). Lı and Lo are 
well designed to have more or less the same inductance. Although Lə is 
considerably larger than L1, however its quality, Q2, factor is still 1.7 times 
less than Q1. 
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Figure 7.4 Differential transconductance schematic. 


inductance(pH) 


10 15 
freq(GHz) 


freq(GHz) 


(a) (b) 


Coupling factor 


5 10 15 
freq(GHz) 


(c) (d) 


Figure 7.5 (a) Inductance and (b) quality factor of the transformer’s primary and secondary 
winding. (c) The coupling factor. (d) Chip micrograph. 
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The oscillator is designed and realized in SMIC 40 nm 1P7M CMOS 
process. Vpp is chosen to be 0.6 V and the oscillation frequency is 3.6—5.02 
GHZ (32% tuning range) in LB and 4.6-6.94 GHz (40% tuning range) in HB, 
resulting in a total of 65% tuning range. The PN performance of the fmaz, 
fmia, and fmin in LB and HB modes are shown in Figure 7.6 and Figure 7.7, 
respectively. 

The Mı-M; transistor sources are connected to ground; consequently, 
the amount of tank’s current harmonic is relatively large. In agreement with 
our discussion in Chapter 5, the 1/f? corner is relatively large in this oscillator. 
For the same reason, the frequency pushing of this oscillator is also relatively 
high as is measured and shown in Figure 7.8. 

The chip micrograph is shown in Figure 7.5(d). Active die area is about 
0.24 mm? which is about two times larger than the rest of single tank 
oscillators we studied so far in this book. In Section 7.3, we study in detail 


a dual mode wide tuning range oscillator with an area of a single tank 
oscillator. 


5 R&S FSUP 50 Signal Source Analyzer UNLOCKED 
n Settings Residual Noise [T1 w/o spurs] Phase Detector +0 dB 
Signal Frequency: 3.633008 GHz Int PHN (10.0 k .. 30.0 M) -27.0 dBc 
Signal Level: -0.35 dBm Residual PM 3.622 ° 
Cross Corr Mode Harmonic 1 Residual FM 4.121 kHz en Naam eg T | 
Internal Ref Tuned Internal Phase Det RMS Jitter 2.7697 ps 
Phase Noise [dBc/Hz] Marker 1 [T1] Marker 2 [T1] Marker 3 [T1] Marker 4 [T1] 
RF Atten 5dB 100 kHz 1 MHz 10 MHz 19.92188 MHz 
Top -50 dBc/Hz -95.75 dBc/Hz -124.18 dBc/Hz -146.5 dBc/Hz -152.41 dBc/Hz 


‘Spur Power (dBc) 


-60— 


-70 
-80— 
-90— 


fmax LB -100 


-110 


-120 


-130 


-140 


LoopBW 30 kHz 
| 


10 kHz 100 kHz 1 MHz 10 MHz 30 MHz 
Frequency Offset 


Figure 7.6 PN of the oscillator in the LB. 
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Figure 7.7 PN of the oscillator in the HB. 
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7.3 Common-Mode Resonances 


A transformer-based tank, depicted in Figure 7.9(a), exhibits two DM res- 
onant frequencies. If this transformer possesses a strong magnetic coupling 
factor, km, its leakage inductance would be small and so the second DM 
resonant frequency would be much higher than the main one. Consequently, 
we would not get a continuous extension of the TR by forcing the oscil- 
lation at the second DM resonant frequency. On the other hand, in order 
for the transformer size to be not much larger than that of an inductor, 
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Figure 7.9 (a) A transformer-based tank; (b) limited DM and CM TR due to Cs, c; 1:2 turn 
transformer: (c) DM excitation; (d) CM excitation; and (e) tank’s input impedance. 
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km > 0.6 appears a necessary condition. With this constraint, the first 
resonance can be estimated as [24] 


1 


w x ; 
Mine T 


where L, and Cp are primary, and Ls and C's are secondary windings’ induc- 
tances and capacitances. The approximation error of (7.6) from the exact 
resonant frequency (Equation (5) in [24]) is less than +6% for km > 0.7. 

Abandoning the hope of exploiting the second DM resonance, suppose 
now this tank is excited by CM signals, and, for now, we assume that primary 
and secondary winding inductances and km are similar in DM and CM exci- 
tations. CM signals cannot see the differential capacitors; thus, the tank can 
only exhibit CM resonances when these capacitors are single-ended. If this 
tank were to employ only single-ended primary and differential secondary 
capacitors, the secondary winding inductances and capacitances would not 
affect the CM characteristics of the tank, e.g., resonant frequency. This tank 
will show a single CM resonance at 


(7.6) 


1 


WOCM ~ . 
V LpCp 


The difference between the CM and DM resonance frequencies, i.e., 
Equations (7.7) and (7.6), suggests a new possibility for extending the tuning 
range toward higher frequencies, provided we can build an oscillator around 
this transformer-based tank that can excite it with either DM or CM signals, 
without adding any bulky passive components. To investigate how much 
tuning range we can expect from a single tank, we assume that the tank 
employs a switched capacitor bank with a 2:1 capacitance switching ratio: 


Comas? Op nan T Cs maz) C smin = 2. (7.8) 


This ratio should guarantee a sufficiently high Q-factor of switched- 
capacitors in recent CMOS technologies. With this assumption, fmaz/fmin = 
v2 in both modes and, thus, both DM and CM resonant frequencies 
(Equations (7.6) and (7.7)) will tune by 2(/2 — 1)/(/2 + 1) = 34.3%. 
To avoid any gaps between the DM and CM tuning ranges, at least wow tow = 
WDM,high- Hence, 


(7.7) 


LyCp,max = LCs maz- (7.9) 


With these conditions, the resonant frequency could theoretically cover an 
octave while going from DM to CM oscillations. Practically, Cmax /Cmin has 
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to be >2 due to parasitics and difficulty with controlling the precise overlap 
between the DM and CM resonances. 

One limiting factor in the tuning range of such an oscillator is the 
single-ended parasitic capacitance throughout the secondary winding side. 
If the CM coupling factor, kmc, were hypothetically similar to the DM one, 
kmd> and km, = km a > 0.6, then the CM resonance would shift down 
to wocm = 1/,/LpCyp+LsCs,c, where Cse is the total of single-ended 
capacitances on the secondary side (Figure 7.9(a)). At the same time, the DM 
resonance would also shift down to wpm = 1/4/LpCp + LCs + LsCs,c- 
Interestingly, satisfying the overlap between CM and DM oscillations with 
the condition in (7.8) results in the same constraint as (7.9). However, the 
fixed parasitic capacitance, C,-, degrades the CM oscillation tuning range 
more than it degrades the DM oscillation tuning range; see Figure 7.9(b). 

A 1:2 turns-ratio transformer, which has distinctly different characteris- 
tics in DM and CM excitations, relieves such a degradation. Figures 7.9(c,d) 
show this transformer when its primary is excited, respectively, with DM or 
CM signals. In the DM excitation, the induced currents at the two sides of 
the secondary winding circulate constructively in the same direction, thus 
creating a strong coupling factor between the transformer windings, while 
in the CM excitation these induced currents cancel each other within each 
full turn of the secondary winding (i.e., from the secondary’s terminal to 
the secondary’s center-tap), leading to a weak coupling factor [23]. This 
weak km, can be interpreted as the secondary winding not being seen from 
the primary and, therefore, the secondary’s single-ended capacitors have an 
insignificant effect on the tank’s CM resonant frequency. 

Assuming the capacitor bank is almost ideal, at least compared to the 
lossy inductors represented by the rp and r, equivalent series resistances 
of the primary/secondary windings, CM resonance has the quality factor of 
Qcm = Qp = Lpw/rp, which is similar to that of an inductor-based tank. 
The high Q-factor of this resonance indicates that with an appropriate active 
circuitry, the CM oscillation of a reasonable quality would be possible. The 
DM and CM input impedances of this tank are shown in Figure 7.9(e). The 
single-ended switched capacitors require two switches to provide a ground 
connection in the middle, which results in a 50% lower Q-factor as compared 
to a differential switched capacitor with the same switch size. This would 
appear as a disadvantage of our new technique; however, that is not the 
case. Let us compare the tuning range of a typical inductor-based tank oscil- 
lator employing the differential capacitor bank with our transformer-based 
tank oscillator employing the single-ended primary and the differential 
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Figure 7.10 (a) Differential and (b) single-ended capacitor banks. 


secondary capacitor banks. The equivalent capacitance of this bank varies 


from Con,p = Cp to Copp = oag, where Cpar is the parasitic capac- 
itance of the switch (see Figure 7.10(a)). For a typical Cogp/Con,p value 
of 0.5 (Char = Cp), the inductor-based oscillator employing this tank would 
exhibit fmaz/ fmin = V2. 

The width of each switch in the single-ended switched-capacitor bank 
should be twice the width of each differential counterpart for the same 
Q-factor. Consequently, Cof, = paca = 2Cy (see Figure 7.10(b)). 
Employing this capacitor bank in a transformer-based tank at the primary 
winding and employing the differential bank at the secondary winding, and 
benefiting from the impedance transformation of the 1:2 turns-ratio trans- 
former (Ls/ Ly ~ 3), results in fmas = /1.9, which is very close to the 
inductor-based tank tuning range. 


7.4 Novel Wide Tuning Range Oscillator 
7.4.1 Dual-Core Oscillator 


Forcing the transformer-based tank to resonate in DM is quite straightfor- 
ward. The oscillator can be realized as a one-port or a two-port structure 
[25, 26]. However, only the two-port structure will guarantee a reliable 


174 Tuning Range Extension of an Oscillator Through CM Resonance 


Coy je $ vy [Cp 
HH MN 


4 r 
mE EE A 
<@= Cmax/Cmin : i 
25 
2 
1.5 t 
1 i; 
i 20 i i i 
0 02 04 06 08 1 0 02 04 06 08 1 
Cc/Cp,max Cc/Cp,max 
(b) (c) 


Figure 7.11 Dual core oscillator: (a) schematic; (b) overlap and octave oscillation condi- 
tions; and (c) tuning range. 


start-up at the first DM resonance [24], thus preventing the mixed DM 
oscillation. A separate active circuit is now needed to force the tank into the 
CM resonance. Colpitts and Hartely topologies are two well-known examples 
of single-ended oscillators. Invoking our ground principle of sharing the same 
tank by the active CM and DM circuits, the Coplitts structure is consequently 
chosen. To improve the PN, two mutually injection-locked Colpitts oscillators 
share the primary inductor. The schematic of the novel dual core oscillator is 
shown in Figure 7.11(a). To avoid the dual oscillation, only one active circuit 
core is turned on at a time. 

The left side of Figure 7.11(a) is the two-port DM oscillator. In this mode, 
Vp2 = Vg3 = OV, M7 switch is on biasing M1,2, while Mg switch is off. 
The waveforms are shown in Figure 7.12(a,b). The transformer has the 1:2 
turns ratio and its gain reduces the M1,2 noise upconversion to PN, and also 
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results in a larger gate voltage compared to drain voltages, which facilitates 
oscillation start up. 

The right-hand side of the oscillator schematic are two locked single- 
ended Colpitts oscillators. Mg switch is now turned on to ensure the in-phase 
operation of the two Colpitts oscillators, without which the two cores might 
exhibit an arbitrary phase shift. In this mode, Vg; = OV to turn off the differ- 
ential oscillation. My switch is also off to minimize the CM inductive loading 
on the primary winding by the secondary one. Both single-ended oscillators 
start at the same frequency but could be slightly out of phase; subsequently, 
they lock to each other and there is no phase shift between them. The locking 
of the two oscillators gives an additional 3-dB PN improvement. Waveforms 
are shown in Figure 7.12(c,d). 

Note that an attempt of simplifying the CM structure by removing Mg and 
permanently shorting the sources of Mg transistors would be detrimental to 
the DM tuning range. While obviously the DM oscillation would still work — 
M3 transistors are off in this mode — the extra capacitance C fix due to the 
CM circuitry seen by Cp would be larger. With Mg off, DA/DB node sees 
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Figure 7.12 Dual core oscillator waveforms: (a,b) DM and (c,d) CM. 
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Cria = C1C2/(C1 + C2), but when Mg sources are shorted, that capacitance 
raises to C'fjz = Cy > C1 C2/(C; + C2). Furthermore, an attempt of moving 
Mg from the SA/SB source nodes of Ms to the DA/DB drain nodes would 
likewise increase the effective parasitic capacitance of Mg. 

The Cı and C> capacitors are necessary to create a negative resistance 
for the Colpitts oscillators; however, they are limiting the tuning range in 
both modes. In their presence, (7.8) and (7.9) are not valid anymore for the 
overlap and octave tuning. Assuming the same capacitance variation range 


on the primary and secondary sides, Cpmax/Cpmin = C'smax/C's,min, the 
octave tuning requirement is now 
LsC's mar Co Comin 
=g +4 1, (7.10) 
Ly Co man Cp,mar Crease 


where Co = C1C2/(C1 +C2). The minimum overlap condition, FDM, max = 


fommin, dictates 


Cp maz =14 LCs mar (7.11) 


Cp,min LpCp, maz l 
Figure 7.11(b) shows how the required Cmazr/Cmin increases with 
Cc/Cp ratio. Satisfying (7.11) and (7.10) in the presence of Cc also unbal- 
ances the DM and CM tuning range, as shown in Figure 7.11(c). For a certain 
value of Co, the required Cp max/Cp,min ratio can become prohibitively 
large, likely leading to the Q-factor degradation. In practice, C's maz /Cs,min 
and Cy max/Cp,min Should not be necessarily equal. The secondary-winding 
capacitor ratio in this design is chosen to be larger than at the primary side 
due to the tougher Coplitts oscillator start-up conditions. 


7.4.2 Phase Noise Analysis 


Ideally, a wide TR oscillator would have a comparable PN performance in 
both oscillation modes. In this section, we investigate the PN of the dual core 
oscillator and then compare the two modes. 

The linear time-variant model [28] suggests 


kT 
L£ (Aw) = 10 lo F}, (7.12) 
(au) = 10! (ar a *) 
where k is Boltzmann’s constant, T is temperature, R; is the equivalent 
parallel resistance of the tank, and gmaz is the maximum charge displacement 
across the equivalent capacitance in parallel to Ry. N is the number of 
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resonators, which is 2 here in both DM and CM oscillators. F’, the oscillator’s 
effective noise factor, is 


N-Re 1 [F 9, ae 
F= > DED ma, T O) ilO) d, (7.13) 
in which T; is the ISF of the ith noise source. The relevant ISF of noise 
sources associated with a sinusoidal waveform oscillator can be estimated by 
a 7/2 phase shifted sinusoidal function, T = sin) where @ = Wot [27]. 
Here, we try to find the noise factors of different noise sources in the dual 
core oscillator. 

The noise sources of the Colpitts oscillator are R, M3, and M4. R+ in 
the CM oscillation is the parallel resistance of the primary winding, Rp. It is 
insightful to refer every noise source and nonlinearity back to the tank, as it is 
demonstrated step-by-step in Figure 7.13. The negative conductance between 
DA and SA nodes is 

143 —JIm3USA Cy 


Gn = = = — gm3 ; (7.14) 
UDA—USA UDA—USA C2 


where 743 is the small-signal drain current of M3. The equivalent negative 
conductance in parallel with the tank is found as 


Co à C1C2 
Gn = | =—— ] n= : TAS 
n (z + =] Jn Im3 (Ci i Co) ( ) 
With a similar derivation, M3 channel resistance is referred to the tank as 
C1+C2\? 
Rass = Tas3 (=$) ; (7.16) 
2 


To sustain the oscillation, the average dissipated power in the tank loss 
and Ras3 should be equal to the average power delivered by the negative 
resistance, which leads to the condition: 


: Bip (7.17) 


where n = C1 /(Cy +C2), GmEF = Gm0] — Gm l2], and G4JsEF = Gas[0] _ 
Gas[2], in which Gm[k] and Gas|k] are the kth Fourier coefficients of g(t) 
and gqs(t), respectively [29]. The required G,,, 773 is minimized for n = 0.5, 
which is chosen in this design to facilitate start-up. 


GmEF3 = 
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Figure 7.13 Procedures of referring the noise back to the tank from: (a) ras3 and negative 
conductance; (b) gm of Ms; and (c) gm of Ma. (d) The equivalent circuit of the Colpitts 
oscillator. 


To refer the current noise sources to the tank, they are first converted to 
their Thevenin voltage source equivalents and then converted back to Norton 
current source equivalents, as demonstrated in Figure 7.13(b) and (c). The 
equivalent noise of M3 and M3’s transconductance then becomes 


a Co 2 
i23 = 4kTYgm3 (zz a =) , (1.18) 


2 Ci 2 
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Figure 7.14 Noise sources of the DM oscillator [24]. 


where ~y is the transistor excess noise coefficient. Assuming a sinusoidal 
oscillation, the tank noise factor is found as 


2N 1 m AKT sin? (¢) 
2kTRp 2r R, N? 
Ms and M, noise factors are found as 
2NRy [27 sin? (¢) C2 g 
Fm3 = P AkT9m3(¢) + | =——— 
= e Ta ART yma (O) (<5) dọ 
= (1-n)*7Gmer3Rp (1.21) 


dé =1. (7.20) 


F; = 


Pi 
943 — AkT rn h M 


2NR, [27 sin? (¢) Cı 
F m4 = R 4kTygma: | —— |. d 
gm4 ART rr ó N2 YJm4 ( i ) Q 


2 
= n Gmerskp (7.23) 
gas4 Noise is very small due to M4 operating in a saturation region and, 
consequently, is disregarded in our calculations. Since gm4 is fairly constant 
throughout the period, GmEF4 = gma. To estimate the contribution of M4 to 
PN, we can calculate gm4 as 
2Io 2Io 


Ima = x ; (7.24) 
ma Vos4 = Vin Vas,min 
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where V;;, is the transistor’s threshold voltage. Let us assign Vpp/2 to the 
SA (SB) node, and Vp, ~ 219 R,(1 — n) [27], 


Alo 


N : 7.25 
He Vpn = An = aly Re ee) 
Disregarding gqs4 noise contribution, 
An?yR,I 
Frys © di ai a xy. (1.26) 


a Vpp — 4n(1 — n)IoRp ~ 


By substituting (7.17) in (7.21), with Gmgr3 and Gaser3 numerically 
obtained from simulations, the total oscillator effective noise factor then will 
be 


n An?yIo 
Fom = Rp |(1—n)?G 
CM P [ n) “GmEF3 (+ {ea =) + oanien 
— 1x 2.27 + 0.2. (7.27) 


The circuit-to-phase-noise conversion of the CM oscillator is shown in 
Figure 7.15(a—d). 
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Figure 7.15 Circuit-to-phase-noise conversion in CM oscillator. 
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Figure 7.16 (a) Drain and source voltage waveforms. (b) gm3: theory and simulations. 


The noise contribution of M3 transistor can be numerically calculated 
based on design parameters. For M3, Va(¢) = Vpp + Ac cos(¢), Vs(¢) ~ 
Vpp/2 + nAc cos(¢) and V} = Vp2. Figure 7.16 shows the M3 operating 
regions during one oscillating period. At 0o, Vs gets low enough for M3 to 
turn on and enter the saturation region. When the drain voltage gets lower, 
M enters the triode region at 0; and remains there till 02 = 27 — 01. M3 
finally turns off again at 03 = 27 — 0o. 0o and 6, can be found from boundary 


conditions as 


where Vi = VB2 = Vpp/2 = Vin, and Və = VB2 = Vpp = Vin. 
Assuming square law, 


K(V, — nAc cos(¢)) saturation, 
gm3(?) = 4 K(¥82 + (1—n)Ac cos(¢)) linear, 
0 cut-off, 


(7.28) 


(7.29) 


(7.30) 
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where K = UCox (*) is the customary designation of MOS transis- 
tor strength. Gmer3; now can be determined by calculating the Fourier 
coefficients of gm3(¢). Solving the lengthy integrations results in 


K í 
GmEF3 = z Mil = o) + Vpp(r = 81) +nAe sin(60) — A, sin(6;) 


Ac 
+ Vi sin(209) + (= — vi) sin(20,) — = sin(30) 


+ o sin(36;). (7.31) 


GmeEer3 in (7.31) can be calculated by substituting 69 and 01 from (7.28) 
and (7.29), together with other design parameters: Vpp = 1.1 V, Vg2 = 1 V, 
Vin œ~ 0.37 V. Figure 7.16(b) shows a very good agreement (within 15%) 
with the simulation results. 

Major noise sources of the DM oscillator are shown in Figure 7.14. A 
general result of the effective noise factor, assuming that the Mr thermal 
noise is completely filtered out, is derived in [24] as 


DV onc (1 + T) - (1 + RiGaseri) ~ 1.6 + 0.97. (7.32) 


However, the Mr thermal noise is not completely filtered out here. To 
calculate the M’s noise contribution, the tail node ISF is obtained through 
simulations and plotted in Figure 7.17(e). From that 


1 27 Ri 
Fu, = — 4kT -T2 (t) — dt œ 0.57. 7.33 
Mr = z7 / YImT * Vi, (t) UE y (7.33) 
Hence, the DM oscillator noise factor is 
Fpm = T? pms (1 + T) - (1 + R:Gaser1) 
+ I Mr, rms Rp MTEF x 1.6 + 1.4y. (7.34) 


The DM oscillator circuit-to-phase-noise conversion is shown in 
Figure 7.17(a—d). 
Substituting (7.27) and (7.34) in (7.12) at the overlap frequency results in 


RiQpAe Fp 
RQA? Fom 


Due to its single-ended structure and the CM resonance, the Colpitts 
oscillator would appear to be more sensitive to supply noise. However, that is 


Lpm — Lom = 10logy ( ) x —2.5 dB. (7.35) 
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Figure 7.17 (a-d) Circuit-to-phase-noise conversion in DM oscillator; (e) tail transistor ISF; 
and (f) PN of CM and DM oscillators at the overlap frequency. 


not the case. Supply pushing is the parameter that indicates the supply noise 
effect on the phase noise. Figure 7.19(e,f) demonstrates this parameter for the 
DM and CM oscillators, which is quite comparable, indicating that the CM 
oscillation does not result in higher phase noise upconversion sensitivity to 
the supply noise. To explain that, let us look at the actual mechanism: the 
oscillation frequency can be modulated by the supply noise by modulating 
the nonlinear voltage-dependent parasitic capacitors of the core transistors, 
Cys. In the Colpitts oscillator, the supply voltage is connected to the core 
transistors’ drains, which cannot modulate their Cys directly. Consequently, 
the oscillation frequency modulation due to the supply noise is considerably 
reduced. 
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7.4.3 Center Tap Inductance 


The single-ended nature of the Colpitts oscillator makes its characteristics 
especially sensitive to single-ended parasitics. A key parasitic that must be 
properly modeled and accounted for is the metal track inductance, Lr, which 
connects the center tap of the transformer’s primary to the supply’s AC- 
ground (see Figure 7.9(a)). At the DM excitation, the AC current will not 
flow into Lr; thus, the DM inductance and DM resonant frequency are 
independent of its value. However, at the CM excitation, the current flowing 
into Lr is twice the current circulating in the inductors. Consequently, the 
tank inductance Lp in Figure 7.9(a) is re-labeled as Lpa = Lp in DM and 
Lye = Lpa + 2L7 in CM excitations. The CM oscillation frequency will 
be reduced to woy = 1/\/(Lp +2Lr)Cp. This implies that Lr must 
be carefully modeled and included in simulations, otherwise the increased 
overlap between CM and DM oscillations would severely limit the total 
tuning range. 

Another important parasitic that is only influential in the CM oscillation 
is the supply loop resistance between the Vpp feed to the center-tap of 
the primary winding and the sources of M4 transistors (see Figure 7.11), 
assuming sufficient decoupling capacitance on Vpp. This resistance is added 
directly to the equivalent negative resistance of the Colpitts structure and 
increases it from —gm3/C1C2w? to —gm3/C1C2w? + rp. In our design, the 
average of that negative resistance at 6 GHz with C1 = Cg =1 pF is about 
—25 Q, which means the r, parasitic resistance should be kept much smaller 
as to not endanger the start-up. 


7.5 Experimental Results 


The novel oscillator is prototyped in TSMC 40 nm 1P7M CMOS process with 
top ultra-thick metal. Mı are (60/0.27) tm and M34 are (128/0.04) ym 
low-V;p devices for safe start-up of the Colpitts oscillator. The tank employs 
a 1.4 nH secondary inductor with Q of 25 at 5 GHz and 0.54-nH primary 
inductor with Q of 17 at 5 GHz. km,pm = 0.72 and km,cm = 0.29. The 
transformer size is 250 x 250 um? and the primary-to-secondary winding 
spacing is 5 um. The chip micrograph and transformer characteristics are 
shown in Figure 7.18, respectively. The oscillator’s core area is 0.12 mm, 
which is similar in size to typical narrow tuning-range oscillators. The tank is 
shared in the two modes of oscillation and so the output is common; hence, 
no further multiplexing is necessary. A comparison with other relevant wide 
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Table 7.1 Performance summary and comparison with relevant oscillators 


This Work [21] [4] 13] [14] 
Frequency (GHz) 3.37-5.96 3.24-8.45 2.4-5.3 1.3-6 3.28-8.35 3.14-6.44 
Tuning range (%) 55.5 89 753 87.2 69 

Voo (V) 1 0.8 0.4 F 16 1.2 
Technology 40 nm 40 nm 65nm 130 nm 130 nm 180 nm 
OSC core area 0.12 mm? 0.43 mm? 0.25 mm? 0.295 mm? 0.1 mm? 0.35 mm? 
Foin fmax fmin finax nin fase Fain fom faia fon faia 
Poc (mW) 16 12.5 16.5 14 6 44 4.35! 9.15! 15.4 6.5 8.8 
PN 100 kHz | -103 -90 -109 | -91 | -98 | -86 NA NA | -9% NA -92 
(dBc/Hz) | 10 MHz | -149.7 | -137.8 -150 | -142 | -149 | -139 | -135 -132 | -142 | -137.2 -140 
FoMt 100kHz | 181.8 | 174.5 187 | 178.1 | 177.8 | 174.1 NA NA | 174.4 | NA 175.4 
(dB) 10 MHz | 188.2 | 182.3 188 | 189.1 | 188.8 | 187 171 178 | 180.4 | 187.5 183.4 
FoMAtt 100 kHz 191 183.7 190.7 | 181.7 | 183.8 | 180.1 NA NA | 184.4 NA 180 
(dB) 10 MHz | 197.4 | 191.5 191.7 | 192.7 | 194.8 | 193 176.2 | 183.2 | 190.4 | 197.5 188 

FoMAT**t | 100kHz | 205.6 | 198.6 209.7 | 200.7 | 201.3 | 197.6 | NA NA |2033 | NA 196.8 

(dB) 10 MHz | 212.3 | 206.4 210.7 | 219.7 | 212.3 | 210.5 | 198.3 | 205.4 | 209.3 | 216.3 204.8 


{FoM = |PN|+20 logyo(eo/Aw)-10 logo(Poco'ImW). 
+tFoMA = |PN| + 20 logi(@p/Ae) +1 0log(1mm/A)-10 logio(Poo/ImWY. 
}TTFOMAT = |PN| +20 logio(wo/Aw) +20 logio(TR/10)+10log(Imm?/A)-10 logio(Poc/ImW). 


1 Including bias circuitry. 


? Before frequency division. 


tuning-range oscillators is summarized in Table 7.1. This oscillator is 
smaller by at least a factor of 2. The oscillators are tuned via 4-bit 
switched MOM capacitor banks at the primary and secondary. According 
to post-layout circuit-level simulations, the tuning range is 46% in DM 
and 20% in CM, with a 100 MHz overlap, giving the total TR of 63%. 
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However, measurements show that DM oscillator is tunable between 3.37 
and 5.32 GHz (45% TR) and the CM oscillator is tunable between 5.02 and 
5.96 GHz (17% TR) and the overlap between the DM and CM oscillations is 
wider than expected, resulting in a tuning range of 55.5%. 

Figure 7.19 shows PN at fmax and fmin frequencies of the DM and CM 
oscillations. In both modes, Vpp is 1.1 V. Figure 7.19 also reports the PN 
and FoM of this oscillator over the tuning range. The FoM increases from 
188.2 to 189.4 dB in the DM and from 181.3 to 182.3 dB in the CM tuning 
ranges. The PN in the CM mode is worse than that in the DM mode, but it 
is worth mentioning that not all applications demand ultra-low phase noise in 
all bands and channels uniformly. 

Table 7.1 also compares FoMA, introduced in [31], of this oscillator 
with other relevant oscillators. The DM oscillator shows the best FOMA 
and the CM oscillator’s FoMA is comparable with the other state-of-the-art 
oscillators. 


7.5.1 Supply and Ground Routing Inductances and Losses 


The measurement results deviate from the simulations and theory in two 
ways. The first is the wider overlap between the DM and CM oscillation 
frequencies. The second is the degraded PN in the CM Colpitts oscillator. 
To explain the performance degradation, we first take a closer look at a layout 
of the transformer-based tank. As revealed in Figure 7.20, the CM inductance 
should also include the impedance of the current return route, from the center- 
tap of the primary winding to the sources of M4a (Ma4). The de-coupling 
capacitors together with the RLC routing network present an equivalent 
impedance that is inductive but its real part adds to the circuit losses. There- 
fore, unless the return current path happens to resonate at the same oscillation 
frequency (through the equivalent inductances and decoupling capacitors 
along it), the CM oscillation shifts down from the expected value, which 
is precisely what we observe in our measurements. The DM oscillation fre- 
quency is not affected; therefore, the expected TR is decreased. Furthermore, 
the losses in the return path are added to the losses of the primary inductor, 
thus degrading the quality factor of the tank. The long return path causes 
the losses to be comparable to the inductor’s loss and this jeopardizes the CM 
start-up. Furthermore, this path also partially cancels the magnetic field of the 
inductor, thus degrading its Q-factor. The severe PN degradation compared to 
the simulation results gives, thus, credence to the Q degradation of the tank. 
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Figure 7.19 (a) Measured PN at fDM,maz, foM,min; (b) fomM,maz and fom,min. Mea- 
sured (c) PN and (d) FoM at 10-MHz offset across TR. Frequency pushing due to supply 
voltage variation in (e) DM and (f) CM oscillators. 
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Figure 7.20 Return current path in the 1:2 transformer. 


Our EM simulations predict a 0.25-Q resistance in this path and circuit 
simulations show that such resistance in series with the primary inductor 
would degrade the CM oscillator phase noise by 4 dB. This appears to agree 
with our measurements. 

One possible solution would be employing a 2:1 transformer. A 2-turn 
primary inductor will have its supply connection node very close to the 
transistors; therefore, the current return path would not be very long, thus 
minimizing the path inductance. However, in that transformer, the CM current 
in the two windings of the primary inductor has opposite direction, thus 
canceling each other’s flux [30]. Consequently, the CM primary inductance 
would be smaller than the DM one. The spacing between the transformer 
windings should be chosen properly to satisfy the overlap condition for the 
reasonable capacitor bank Con /Cofr ratios. 


7.6 Conclusion 


In this chapter, we have introduced a technique to extend a tuning range 
(TR) of an LC-tank oscillator without significantly increasing its die area. 
A strongly coupled 1:2 turns-ratio transformer-based tank is normally excited 
in a differential mode (DM), where it achieves the TR of 45% with a 
good FoM of 188.2—189.4 dB. The TR is extended by exciting the tank in 
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common mode (CM) with two locked Colpitts oscillators. This oscillator 
is implemented in 40 nm CMOS and delivers the total TR of 55.5% while 
constraining the core die area to only 0.12 mm?. Although the measured 
tuning range extension and phase noise (PN) in the CM mode were worse 
than theoretically predicted, we have identified the common cause as a current 
return route inductance that not only lowers the CM frequencies but also adds 
losses that result in a reduced Q-factor. 
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A Study of RF Oscillator Reliability 
in Nanoscale CMOS 


In this chapter, we investigate the nature of oxide breakdown and stress- 
related degradation mechanisms in MOS transistors. The MOS breakdown 
time is quantified based on exponential-law and defect-generation models 
versus the oxide-thickness, gate area, temperature, and voltage stress at a 
given cumulative failure. As a consequence, a design guide is presented 
to estimate the time-dependent dielectric breakdown of any analog circuit. 
Based on reliability analysis, the lifetime of class-F3 oscillator of Chapter 3 
is evaluated for both thin- and thick-oxide options in TSMC 65-nm CMOS 
process as a case study. The long-term reliability is also investigated for 
class-F» oscillator introduced in Chapter 4. 


8.1 Introduction 


To keep on implementing increasingly complex functions while reducing the 
overall solution costs, scaling of CMOS transistors is inevitable. As circuits 
are growing denser, all of the physical dimensions of the transistors must 
be reduced correspondingly. The SiOz oxide-layer thickness reduction is 
accompanied by migrating to smaller supply voltages. This is to maintain 
the electric field strength across the oxide in order to prevent the device 
performance degradation due to the time-dependent dielectric breakdown 
(TDDB) [1]. Although digital circuits have fared well, analog designers face 
additional difficulties with the transistor scaling. The supply voltage Vpp 
is reduced while RF and analog circuits must maintain their dynamic range, 
noise performance, and output power. For example, the oscillator phase noise 
performance and power amplifier (PA) output power degrade by 6 dB/octave 
with reduction of their supply voltage [2,3]. On the other hand, LC-tank 
oscillators and PAs usually operate at a voltage swing in excess of the nominal 
supply voltage. This causes potential reliability issues due to the large electric 
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field across the gate oxide. Consequently, analog designers must consider the 
reliability of the circuit while trying to maximize the voltage swing to reach 
better output power, dynamic range, or noise performance. 

In the classical view, the reliability must be qualified at the technology 
level and guaranteed by the manufacturer. However, this perception is no 
longer valid. The circuit reliability has become highly circuit-dependent in the 
advanced CMOS technologies. The designers have to improve the reliability 
margins by adapting their approach and taking into account the impact of 
failure at the circuit level. In this chapter, we investigate the nature of oxide 
breakdown and stress-related degradation mechanisms in MOS transistors. 
The maximum gate-oxide voltage of a MOS transistor is quantified versus the 
oxide thickness, gate area, and temperature for different cumulative failure 
rates and operating times. We exemplify the oxide breakdown reliability 
calculations in class-F RF oscillators of Chapters 3 and 4. 


8.2 Gate-Oxide Breakdown 


Gate-oxide breakdown leads to a catastrophic and permanent failure in MOS 
devices. The breakdown is accompanied by a sudden discontinuous increase 
in the oxide conductance and the gate current noise. Breakdown is a gradually 
increasing phenomenon and realized by defects such as electron traps in 
the oxide structure. The rate of defect generation is almost proportional to 
the gate current density. As a consequence, the transistors with a smaller 
channel length are more vulnerable. The gate current is due to Fowler- 
Nordheim (FN) tunneling for thick-oxide devices at a gate voltage V, above 
3 V, while it is due to a direct quantum-mechanical tunneling (DT) for thin 
oxides (tor < 3-nm) at voltages below 3 V [4]. These gate currents trigger 
“impact ionization”, “anode hole injection”, and “trap creation” phenomena 
to generate defects in the oxide structure. Then, the probable breakdown will 
occur at a critical trap density by a conduction path via these generated traps. 
Consequently, the oxide breakdown failure is a time-dependent and statisti- 
cally distributed phenomenon. It is well known that the oxide breakdown can 
be described by the Weibull distribution [1]: 


Tap)’ 


F (Tgp) =1— Fa q (8.1) 


where F is a cumulative failure probability and Tgp is a random variable for 
time-to-breakdown. 77 is a characteristic time-to-breakdown at 63.2% failure 
probability and 6 is a Weibull shape slope. 
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Figure 8.1 Weibull slope versus gate-oxide thickness. 


8.2.1 Weibull Slope 


Figure 8.1 shows measured Weibull slopes obtained from literature [5] versus 
oxide thickness ranging from 1.25 to 7 nm at a temperature of 140°C. The 
solid curve is a linear fit of an analytical cell-based model and expressed by 


tint + tox 
ao , 


p= (8.2) 
where ao is the defect size that is found to be 1.83 nm in [5] and tint is 
the interface thickness, which was reported 0.37 nm in [5]. Equation (8.2) 
indicates that Weibull slope decreases with the technology scaling. Suppose 
the ņ value is the same for both thin- and thick-oxide devices. Although both 
devices reach the cumulative failure rate of 63% at the same time, the early 
failure rate of a thin-oxide transistor will be much larger than that of the thick- 
oxide device due to its lower Weibull slope. Consequently, thin-oxide devices 
can only tolerate lower electric field strengths for the certain failure rate in a 
given operating time. It is concluded in [1] that Weibull slope is independent 
over a wide range of stress voltage, temperature, and polarity. 


8.2.2 7 Estimation for Different Oxide Thicknesses 


Figure 8.2 shows 7 versus gate voltage for different oxide thicknesses. The 
data points (open/solid squares, triangles, and circles) are extracted from 
literature [1,4,9] and scaled to 140°C and an area of 10° jxm?. The TDDB 
reliability is usually estimated by means of voltage and temperature acceler- 
ation models from results acquired at relatively short measurement times to 
the required product lifetime of 10 years or more. Such a scaling may span 
several decades and magnify inaccuracies if the model is not correct or the 
breakdown mechanism changes along the voltage scaling. Until now, at least 
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Figure 8.2 Comparison of characteristic time-to-breakdown 77 versus gate voltage in NMOS 

inversion for different gate-oxide thicknesses from 1.5 to 12 nm. The solid lines represent 

the result of defect generation model as described in [7]. The dashed lines are from the least- 

square fit using the E-model, as described in [9]. The data points (open/solid squares, triangles, 

and circles) are extracted from literature and scaled to 140°C with an area of 10° pm?. 


five voltage acceleration models have been proposed: E-model, 1/E model, 
power-law model, 1/V model, and physics-based model. Not surprisingly, it is 
confusing and practically impossible to decide which model should be used 
in TDDB calculations. 

The field-driven E-model refers to the experimental observation that Tgp 
data can be characterized by exp(y - Eox), where the electric field E,, is 
considered as a variable in TDDB process [9]. The 7 variations based on 
E-model curve fitting are illustrated by dashed lines in Figure 8.2 for different 
oxide thicknesses. The model can be safely ruled out for both thin and 
thick oxide at E,, > 7 MV/cm. However, an extrapolation to lower fields 
would result in a cross-over between the dashed lines meaning thick-oxide 
devices are less reliable than thin-oxide ones at voltages below 1.5 V, which 
is contradictory to the fundamental physics. Consequently, this model is not 
accurate at E,, < 7 MV/cm. Nevertheless, it is possible to use E-model 
as a conservative projection. Hence, E-model estimation has been added in 
Figure 8.2 as the worst case in Tgp prediction [7]. 

The anode injection model (1/E model) characterizes Tgp based on the 
FN tunneling current. However, the direct tunneling is a dominant phe- 
nomenon at V, < 4 V. Hence, 1/E model is not applicable and leads to 
optimistic results at lower voltages [8]. 

A more realistic projection is the physics-based breakdown model, 
which considers both tunneling current and defect generation phenomena. 
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This model is consistent with many measurement results up to the 8-nm 
oxide thickness. The discrepancy at thicker oxides originates in “band- 
to-band ionization”, which plays an important role in very thick oxides 
stressed at relatively high voltages [7]. The 7 extrapolation based on “defect- 
generation” model is also added by solid lines in Figure 8.2 for different oxide 
thicknesses. 


8.2.3 Area and Temperature Dependence of Tgp 


The failure of an entire IC chip is defined by the first failure of a single device. 
From elementary statistics, if the failure probability of a unit is F'4;, then the 
failure probability of a circuit comprising NV independent units is given by 


Fag =1-—(1— Fy)”. (8.3) 


By substituting (8.1) into (8.3) and carrying out lengthy algebra, the area 
scaling equation of ņ is obtained by 


1 

Aj B 
ge oo 4 
n2 n( =) ; (8.4) 


where A, and Ag correspond to two different areas of the oxide. This expres- 
sion shows that the characteristic breakdown time, 77, increases with reducing 
the oxide area. The area scaling is a strong function of the Weibull slope 
and, consequently, thinner oxides are more sensitive. For example, in 1074 to 
10 mm? area scaling, Tgp lifetime drops with 3—4 orders of magnitude for a 
4-nm oxide. However, the Tgp reduction would be just a factor of 2 for an 
11-nm oxide. 

The following equation expresses the dependency of 7 on the oxide 
junction temperature [6]. As expected, higher temperatures accelerate the 
TDDB process. 

n2 a (8.5) 
nı 
where Kg is the Boltzmann’s constant and E, is the thermal activation energy 
that is about 1 eV and changes by a small amount with the gate voltage [6]. 


8.2.4 Principle of Extrapolation to a Specified Condition 


Figure 8.2 shows the extrapolated 7 for physics-based and E models for an 
area 10° um? at 140°C. The main question arises: How can one predict 


198 A Study of RF Oscillator Reliability in Nanoscale CMOS 


percentile area Temperature 


3 ‘ — Data 25°C 

2 E E E E EAEE aes 

£ 10 ` : : — 0.1 cm? 

= 6 === 0.01% 
10 : ` 

S 

5 4 

3 10 

è 2 

m 10 

a 

a 

= 


1 15 2 25 3 35 4 45 
Gate Voltage (V) 


Figure 8.3 Extrapolation steps to the specified condition. 


TDDB lifetime of a circuit for a given voltage and cumulative failure values 
based on this figure? The principle of Tgp extrapolation to a specified 
condition is illustrated in Figure 8.3. As a first step, one of the curves in 
Figure 8.2 is chosen based on the technology oxide thickness. This curve will 
shift through (8.5) if the operating temperature deviates from the reference 
value 140°C. Then, the area scaling is applied to the graph using (8.4). 
The curve is scaled once more to the desired cumulative failure by (8.1). 
Finally, the corresponding Tgp can be calculated from the obtained curve 
(blue dashed-line in Figure 8.3) for any gate voltages. 


8.3 Hot Carrier Degradation 


Hot carriers (HC) are holes or electrons that are accelerated to high energies 
by an electric field caused by a large drain—source voltage. Certain percentage 
of the hot carriers collide with the lattice and create electron-hole pairs. 
Furthermore, if the hot charge carriers have a kinetic energy larger than the 
silicon-oxide barrier height, some of them will dominate the barrier and flow 
toward the insulator. 

Unlike the gate-oxide breakdown, this phenomenon is not inherently 
catastrophic. Instead, it can cause a gradual performance degradation dur- 
ing the operating lifetime. These traps can shift the threshold voltage and 
reduce the conducting carrier mobility. Consequently, the drain current, chan- 
nel resistance, and transconductance gain of MOS transistor decrease and 
degrade performance of RF circuits, such as oscillators. First, one needs to 
choose larger gm-devices to compensate the oscillator loop gain reduction 
due to HC. It means the active device injects more noise into the tank, 
resulting in an increase of the oscillator’s effective noise factor. Furthermore, 
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the circuit phase noise performance gradually degrades due to reduction of 
drain current and thus the oscillation voltage swing. Hence, an additional 
mechanism should sense the oscillation amplitude in order to increase the 
drain current of active devices by adjusting their bias voltage. Second, a 
combination of a large parasitic capacitance of the tail current transistor and 
a smaller channel resistance of the gm-device could provide a discharge path 
between the tank and ground. It would drop the equivalent quality factor of 
the tank resulting in phase noise degradation. Third, hot carrier stress also 
increases the 1/f noise of the MOS transistor, which is translated to a larger 
1/ f°? oscillator phase noise corner. 

However, the hot carrier degradation mainly occurs when the drain cur- 
rent and drain—-source voltage are substantial at the same time [3]. Hence, 
the hot carrier degradation would be negligible if the channel current was 
low when the drain—-source voltage was high and vice versa. This condition 
naturally occurs in oscillators and switching power amplifiers. Consequently, 
the RF oscillators are not inherently vulnerable to the hot carrier degradation. 


8.4 Negative Bias Temperature Instability 


The negative bias temperature instability (NBTI) occurs when a negative 
gate-source voltage Vy, is applied causing an increase in the absolute 
threshold voltage, a degradation of the mobility, drain current, and transcon- 
ductance. PMOS devices are more vulnerable to NBTI. Although NMOS 
devices can be damaged in an NBTI stress, the damage occurs at negative 
Vgs where NMOS devices are not active. Consequently, NMOS devices are 
thus suggested for long operating time applications such as infrastructure 
basestations and satellite communications. 


8.5 Reliability of Class-F; Oscillators 
8.5.1 Class-F3 Oscillators 


Figure 8.4(a) shows a schematic of the class-F3 oscillator in Chapter 3, 
which was realized in TSMC 65-nm CMOS technology. It exhibits a pseudo- 
square-wave across the tank to desensitize the oscillator phase noise to the 
circuit noise. Figure 8.4(b) illustrates the oscillation waveforms. As can 
be seen, gate—drain voltage increases to 3.2 V at 1.2-V supply voltage due to 
the passive voltage gain of the transformer. Mj/2 dimensions should be 
(48-um/0.28-um) and (12-j1m/65-nm) for thick (5 nm) and thin (2.3 nm) 
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Figure 8.4 Class-F oscillator: (a) schematic; (b) waveforms. 


oxide options, respectively, to guarantee safe oscillator start-up in all process 
corners. Let us investigate the oscillator’s lifetime at 0.01% cumulative failure 
rate and 140°C for both transistors. From Figure 8.5, the 7 values are 
obtained as 


Mihin (10° um”) = 10°s, Minick (10% 2m?) = 10's. (8.6) 


The conservative E-model is used for the Tgp calculations. Weibull slope 
should be determined in order to extrapolate 7 values to the desired area. 
Based on (8.2), 


Pirin = 1.5, thick = 3- (8.7) 
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Figure 8.5 Class-F3 oscillator lifetime estimation due to TDDB for thin- and thick-oxide 
transistors. 
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The next step is to apply the area scaling factor to 7) by (8.4). 
Min (1.6m?) = 7-10°s, Minick (27m?) =3-10!%s. (8.8) 


Finally, the lifetime can be estimated by substituting the calculated 
parameters in (8.4): 


Tgp (thin) = 4 hours, Tgp (thick) = 40 years (8.9) 


The oscillator lifetime drops dramatically by 4 orders of magnitude just 
by replacing thick-oxide gm-devices with thin-oxide ones. Consequently, 
a thick-oxide device must be used in the class-F3 oscillator to satisfy the 
required Tgp and failure rate but at a cost of more parasitic capacitance and 
lower tuning range. 


8.5.2 Class-F2 Oscillators 


The HCI degradation would occur when the drain current, Ips, and drain— 
source voltage, Vps, are large at the same time. Thanks to the transformer’s 
voltage gain, in class-F2 oscillator, Vpp is low enough such that Vps of 
its gm-devices can be much less than the standard voltage of thick-oxide 
transistors (2.5 V) when they operate in on-state (see Figure 4.11). Con- 
sequently, this oscillator is not inherently vulnerable to HCI. However, the 
large oscillation swing applies a strong electric field across the gate oxide of 
gm-devices (Vpq, Vas), which can potentially reduce the long-term reliabil- 
ity of the oscillator due to TDDB. 

The oxide breakdown stems from defects, such as electron traps, in the 
oxide structure. The rate of defect generation is almost proportional to the 
gate-oxide electric field and its leakage current density. We can re-write 
Equation (8.1) as 

n = Tgp (in (1 - F) "Ê. (8.10) 


It is shown in [1] that 7 for a given circuit with arbitrary characteristics 
(Aox, Vox, and Tox) can be extrapolated from the reference data (£pef) by 


=n Eaf 1 _1 —1/8 
N = Mref ( Vow ) ek (ak 7) ($5) . (8.11) 


Vref Aref 


where n is voltage acceleration factor. 
We can apply the above procedure to our class-F» oscillator to determine 
its Tgp. Figure 8.6(a) shows the measured F versus Tgp for 14 samples 
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Figure 8.6 (a) Measured cumulative failure rate F versus breakdown time Tsp for 
14 samples of a thick-oxide transistor (176 um/0.28 um) at room temperature, (b) the 
projected 7 value versus different gate-oxide stress voltage based on the measured ‘ref, 
(c) Weibull slope versus gate-oxide thickness extracted from measurement results in [1], 
and (d) voltage acceleration versus gate-oxide thickness extracted from measurement 
results in [10]. 


of the thick-oxide transistor (176 jtm/0.28 um) at room temperature when 
a large voltage (6.75 and 7 V) is applied across the gate. The data points 
are easily mapped to a Weibull distribution curve as indicated by the dashed 
line. The cross-over of these curves at F = 63.2% specifies the reference 
7 values (nres). The voltage acceleration ratio n is calculated by applying 
Nref Values and their related Vox in (8.11). Furthermore, the slope of the 
curves determines 8. Consequently, the estimated n and 8 values are, respec- 
tively, 42 and 3 for the thick-oxide devices (tox = 5.6 nm) in 65-nm CMOS, 
which are close to extracted measured numbers from literature, as shown in 
Figure 8.6(c,d) [1, 10]. The E, is ~0.55 eV and independent from the oxide 
thickness and temperature [11]. Consequently, the given oscillator 7 can be 
estimated by substituting the measured reference and technology parameters 
and circuit characteristics (Aox, Vox, and Tox) in (8.11). Finally, Tgp is 
calculated by substituting the estimated 77 and the desired F in (8.10). 
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The lifetime estimation of our circuit as a function of Vox is plotted in 
Figure 8.7 for various F’, Tox, and Aox. The plots indicate that the maximum 
voltage across the oxide for Mj 9 transistors should be <4.4 V to ensure 
<0.01% failure during 10 years at 125°C. The max Vox could be increased 
if higher failure rate or lower max operating temperature are accepted. The 
maximum dc voltage is thus established across the gate oxide. However, the 
actual nature of stress in RF oscillators is not dc but an ac voltage Vox(wot). 
Consequently, it is instructive to compare the static max Vox with the actual 
operation when 7 changes over the period of the resonant frequency. Hence, 
the “effective” 7 is calculated as 


1_1 ia Life) (8.12) 
net 2 Jo (Von (wot)? 


where 7(Vox(wot)) is given by (8.11) and can be expediently simplified to 
n = B-(Vor(wot))™. 
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Figure 8.7 Estimated time-to-breakdown (based on the measured parameters of 
Figure 8.6(a)) of thick-oxide transistors in 65-nm CMOS versus maximum gate-oxide stress 
voltage for different (a) cumulative failure rates, (b) temperatures, and (c) gate-oxide areas. 
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Starting with the application’s desired operating time (i.e., Tgp) at a given 
failure rate (F) in a given technology (i.e., 6), the parameter neg is first 
established as per (8.10) and is identical for dc and ac operations. For a de 
operation, n = B - (Vg-)~" and (8.12) results in 


1/n 
Vdc = ( ) : (8.13) 


However, for an ac operation, 


1 1 i 1 
Net 27 Jo B (0.5Vac,maz (1 + sin (wot))) ” 


Solving this integral for the voltage acceleration factor n of 42 for the 
65-nm CMOS thick-oxide devices, 


d(wot). (8.14) 


11.5- B\ 
2 ) ; (8.15) 


Vac,max =< ( 
Neff 


Consequently, the ac to dc maximum tolerable stress voltage ratio 
(Vac,max/ Vac) Will be (11.5)!/ n œ 1.06. We strongly emphasize that there 
are no significant differences in max Vox at ac-peak and dc conditions 
due to the sharp slope of Tgp — Vox curves in Figure 8.7. As shown by 
integrating the voltage-dependent 7(V. x) over the full oscillation cycle, the 
peak magnitude of the Vox sine wave can be just 6% higher than what is 
determined for a fixed dc Vox. Consequently, the slightly lower pessimistic 
value of Vox in the de condition could be used as an extra margin. 


8.6 Conclusion 


Time-dependent dielectric breakdown (TDDB), hot carrier degradation 
(HCI), and negative bias temperature instability (NBTI) mechanisms were 
investigated for a MOS transistor. The exponential-law and defect-generation 
models quantified the MOS breakdown lifetime versus the oxide-thickness, 
gate area, temperature, gate voltage, and cumulative failure rate. A design 
guide is presented to estimate TDDB of any analog circuit. Based on reliabil- 
ity analysis, a huge 4-decade lifetime difference exists between thin (2.3-nm) 
and thick (5-nm) oxide devices in the class-F3 oscillator. The reliability pro- 
cess is highly circuit-dependent in the advanced CMOS technologies (oxide 
thickness < 3 nm) and analog/RF engineers have to consider the reliability 
issues in the design cycle. 
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